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Abstract

The electrification of aircraft marks a pivotal advancement in the pursuit of sustainable
aviation, offering substantial environmental and operational benefits. In conventional air-
craft, the environmental control system is a major non-propulsive power consumer. In
more electric aircraft (MEA), it is electrified using a high-speed motor compressor driven
by a voltage source inverter (VSI). The VSI topology selection is a critical, multi-objective
challenge as it directly dictates the system’s efficiency, specific power (kWkg−1), power
density (kWL−1), and total harmonic distortion (THD). However, existing topology com-
parisons are often inadequate, as they fail to benchmark complete systems within the
unique aerospace context and its stringent DO-160G compliance requirements. This thesis
addresses this gap by developing a framework to fairly compare VSI topologies at a system
level to offer insight for topology selection.

Conventional and interleaved 2-level (2L) and 3-level (3L) VSI topologies are com-
pared, including the neutral point clamped (NPC), active NPC (ANPC), and T-type
variants. The framework is used for the design and selection of all critical subsystems,
including all VSI components, heatsinks, and DO-160G compliant electromagnetic com-
patibility (EMC) filters. Interphase inductors are a key performance-defining component
in interleaved topologies, so novel analytical expressions for peak and RMS circulation
current were derived to inform their systematic design. This framework then evaluates the
performance of each topology against the key metrics by sweeping design choices, includ-
ing variations in switching frequency, number of parallel devices, and circulation current
limits.

The framework was applied to a 20 kW aerospace compressor system, revealing there
is no single ’best’ topology. The selection depended on application priorities, particularly
THD. The conventional 2L VSI was competitive in mass and volume, but its high voltage
THD (76%) penalised efficiency by requiring high switching frequencies to meet low current
THD. In contrast, the 3L VSI had 39% voltage THD, offering a superior trade-off by
meeting THD limits at lower, more efficient switching frequencies. In particular, the T-
type had the most balanced performance for this application. Interleaved VSIs consistently
underperformed, as the mass, volume, and loss penalties of their interphase inductors
outweighed any system-level filtering benefits.

This framework provides a reproducible method for quantitative topology benchmark-
ing, highlighting non-obvious trade-offs and guiding aerospace inverter design.



Abbreviations

2L 2-level.

2LI 2-level interleaved.

3L 3-level.

3LI 3-level interleaved.

AC alternating current.
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CSPI cooling system performance index.
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Chapter 1

Introduction

In 2023, aviation accounted for 2.5% of global energy-related CO2 emissions, and between
2000 and 2019 it grew faster than rail, road or shipping [1]. In 2019, the European Union
(EU) launched the European Green Deal, which plans to make Europe climate-neutral by
2050 [2]. This has driven ambitious national targets, for example, the Dutch government
mandates that by "2030 carbon emissions from aviation must be equal to 2005 levels. By
2050 they must be halved compared to 2005 levels. And by 2070 emissions must be reduced
to zero [3]." However, currently aviation is not on track to meet these goals, as the efficiency
improvements in aviation have not kept up with the growth and emissions are expected to
grow rapidly through 2030 despite the efficiency gains [1]. To start reducing emissions, the
sector must reduce emissions through operational improvements, airframe/engine efficiency,
modal shifts where feasible, rapid scaling of sustainable aviation fuels, and electrification
of onboard systems that provide measurable efficiency gains [1].

Aircraft in which the propulsion stays traditional but the hydraulic and pneumatic
subsystems are replaced by electrically driven architectures are called MEA [4]. In conven-
tional aircraft, the environmental control system (ECS) is a major non-propulsive power
consumer [4]. In an MEA, this system is electrified using a high-speed motor compres-
sor driven by a VSI [5]. The VSI is a key enabling component, and its design directly
influences the overall system’s performance and efficiency. This thesis focuses specifically
on the VSIs for a 20 kW very-high-speed electric compressor for this ECS application. A
simplified block diagram of the compressor system is shown in fig. 1.1. In this system, the
VSI converts the direct current (DC) voltage into a three-phase alternating current (AC)
voltage driving a motor that is part of a compressor stage.

Designing such a VSI for an aerospace application is a complex challenge. The complete
system must comprise more than just the DC-AC inverter electronics. For instance, it must

Figure 1.1: System overview, with the main common mode parasitics drawn [5].
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include a cooling system, housing, EMC filter and protection (e.g. lightning, inrush). This
complete system must then remain reliable under harsh environmental conditions (e.g.,
low pressure and a wide temperature range) while meeting stringent aerospace regulations,
such as DO-160G [6]. The challenge, therefore, is not just selecting an inverter topology,
but designing a complete and compliant system that can survive this environment.

There are multiple types of VSIs and each topology presents a different trade-off be-
tween the efficiency, common-mode (CM) voltage, specific power, EMC, power density,
design complexity, thermal load, reliability and THD [5]. The conventional two-level H-
bridge VSI is widely employed in motor drives due to its simplicity, high reliability, reduced
number of switches and maturity [5]. However, they have larger voltage steps, which re-
sult in high CM voltage and steep voltage slopes (dv/dt) at the phase outputs. This can
cause more electromagnetic interference (EMI), higher THD, and stress on motor windings
[5]. Multilevel inverters can create smaller voltage steps, which improves output waveform
quality and reduces harmonic content [7]. Furthermore, multilevel inverters sometimes
have switches that require a lower blocking voltage, allowing the use of lower voltage-rated
switches [5]. This, in combination with the possibility to use a lower switching frequency
when the THD goal is constant, enables high efficiency designs. Another option is to inter-
leave phase legs, where for one phase output, two or more single-phase legs are in parallel
and driven out of phase. The outputs of the legs are combined via an interphase inductor.
Interleaved inverters can offer benefits due to destructive interference at the input and
output. This reduces the design requirements on the filter components [8].

The selection of a VSI for MEA applications is a complex, multi-objective optimisation
problem with no single "best" solution. While advanced multilevel and interleaved topolo-
gies are known to offer superior output waveform quality compared to the conventional
two-level VSI [5], their practical benefits in terms of specific power (kW/kg), power den-
sity (kW/L), and efficiency are not well-established for the aerospace context. Numerous
surveys have documented the vast landscape of available topologies [7], [9], [10], high-
lighting the clear need for methodical comparisons. However, they lack either the specific
aerospace environment or treat each inverter as just a set of switches, instead of a com-
plete system in the correct environment. So to fairly compare inverter types, it requires
designing all critical subsystems to meet the same stringent performance and regulatory
targets (e.g., DO-160G). Only through this rigorous, system-level approach can the intri-
cate trade-offs between efficiency, specific power, power density, and THD be accurately
quantified.

This thesis addresses this gap by developing and applying a framework to benchmark
and compare the performance of various complete systems using different VSIs topologies.
It compares the complete systems based on efficiency, THD, specific power and power
density. Through theoretical analysis and simulation, the study aims to evaluate the
advantages and limitations of each topology, offering insights for selecting the most suitable
VSI for aerospace applications. The main research questions are:

1. Which measures need to be taken to have a fair comparative analysis of voltage
source inverters?

2. How to select the most suitable component sizes for each inverter?

3. What is the performance of each inverter for all key performance metrics?

4. How can the most suitable inverter topology for an aerospace application be selected?

To answer these research questions, this thesis will introduce all topologies under in-
vestigation in chapter 2. The working principles are explained along with the modulation
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scheme used. For the interleaved inverters, a novel way to analytically estimate the peak
circulation current is introduced. This forms the basis of the automated multi-stage design
and optimisation framework of chapter 3, designed to ensure all designs meet the same set
of requirements, have the most suitable components and can be compared fairly. Using this
framework, multiple designs per inverter are created by changing the design choices. In
chapter 4, the performance of each design is then evaluated and benchmarked against the
key performance metrics: efficiency, specific power, power density, and THD. The perfor-
mance data is synthesised into multi-objective trade-off analyses, including Pareto fronts
and summary spider charts. This enables a discussion in chapter 5 of how the most suitable
inverter type for an aerospace application can be selected. Chapter 5 also offers recom-
mendations for future work and highlights key limitations of this work. Finally, chapter 6
provides the conclusions of the research.
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Chapter 2

Inverter Topologies and Operating
Principles

In order to perform the comparative analysis, the inverter topologies must be understood.
To this end, the operating principles of various topologies under investigation are intro-
duced in this chapter. Starting with the baseline 2L VSI and moving on to the 3L VSI and
interleaved VSI. Key principles are also explained, such as the circulation current and the
modulation schemes used. Finally, the chapter will define the system specifications for the
20 kW aerospace compressor system, to provide the basis for the subsequent design and
analysis.

2.1 Conventional 2 Level Voltage Source Inverter

In fig. 2.1a, a single-phase leg of an H-bridge VSI is drawn. Each leg consists of two
switches in series, where the midpoint is the phase output. Depending on which switch is
turned on, the phase output to ground voltage (Vi where i = [a, b, c]) is either +1

2VDC or
−1

2VDC, making this a 2-level system. A 3-phase system uses three legs, where the phase
output voltages are synthesised via space vector modulation (SVM) by varying on-times
of the switches (see section 2.4). The MOSFETs need to block the full DC bus voltage,
which is at most 884V [6]. To ensure a margin from this voltage, 1200V SiC MOSFETs
were chosen, as this technology has the best FOM at this blocking voltage [11].

The DC-link capacitor (CDC) is shared between all legs. It provides the high-frequency
current, minimises the DC-link voltage ripple, is an energy buffer for sudden changes in
power draw, absorbs regenerated energy and filters some of the differential-mode (DM)
noise. This capacitor needs to handle the full DC input voltage and root mean square
(RMS) current, with some safety factor.

2.2 Conventional 3 Level Voltage Source Inverters

Multilevel inverters have three or more output voltage levels. In this thesis, the focus is on
the basic 3L VSIs to limit the scope. 3L VSIs introduce an intermediate voltage, so that
the phase output voltage can be: +1

2VDC, 0V or −1
2VDC. The benefit of the intermediate

voltage is that a smaller voltage step can be taken, which reduces the THD [7]. It does
require the main DC-link capacitor (CDC) to be split into two series-per-level capacitances
Cd, but these need only to block half the voltage each. Common multilevel topologies are
listed in [7], but not all can be used. The main limiting factors are that only one DC input
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Figure 2.1: Single-phase legs of VSI topologies, drawn along with the (split) DC-link
capacitor. (a) 2L H-bridge, (b) 3L T-type, (c) 3L neutral point clamped (NPC) and in
gray active neutral point clamped (ANPC), (d) 2-level interleaved (2LI) H-bridge, (e) 3-
level interleaved (3LI) T-type, (f) 3LI ANPC/NPC.

source is available and that the size and weight are limited. Three promising candidates
are further investigated:

1. T-type. A single-phase leg is drawn in fig. 2.1b. It uses the same configuration as a
2L H-bridge, where it introduces a back-to-back MOSFET to connect the capacitor
midpoint to the phase output. Turning the back-to-back MOSFET on and the others
off creates the extra 0V output level. The switches connecting the DC-bus need to
block VDC just like the H-bridge, but the back-to-back MOSFET only needs to block
1
2VDC.

2. NPC. A single-phase leg is drawn in fig. 2.1c. It consists of four series switches and
two clamping diodes connected to the DC midpoint. The extra 0V output level is
created by turning on the two inner switches and turning off the two outer switches.
Through one of the diodes, the phase output is then connected to the capacitor
midpoint (0V). A key advantage is that each of the switches only needs to block
1
2VDC, allowing for the selection of switches with a lower blocking voltage. These
switches have a higher figure of merit (FOM) [11] and are thus more efficient. A
disadvantage of this topology is that the losses are distributed unevenly across the
switches [7].

3. ANPC. It is also drawn in fig. 2.1c, but it uses the grey MOSFETs instead of diodes
for the clamping legs. The diodes are replaced to increase the efficiency and provide
uniform switching losses [7].

These topologies have the disadvantage that they require a voltage balancing circuit [7].
This is a circuit that dynamically corrects voltage deviations at the DC midpoint, which
is essential because an unbalanced voltage would exceed the blocking capabilities. The
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blocking voltage of some of the devices is 1
2VDC, allowing 650V devices to be used. To

prevent variations from different semiconductor technologies and isolate the performance
benefits of the topology change, SiC MOSFETs were used for both voltage levels.

In fig. 2.1, the floating node voltages are stated as Vi,h,k, where i is the phase, h
states the inverter leg (with h = 1 if not interleaved), and k states the floating node
number. The floating node voltages and phase output voltages (Vi) create CM noise,
which is further explained in section B.2. Crucially, since topologies differ in the number
and placement of these floating node voltages, their resulting CM noise spectrums are
distinct, thus necessitating a unique filter for each topology.

2.3 Interleaved Voltage Source Inverters

Interleaving of VSIs is when two or more single-phase legs are used in parallel for one phase
output. These additional legs are driven out of phase with the original legs. The 2LI VSI
is drawn in fig. 2.1d, and the 3LI VSIs are drawn in fig. 2.1e and f. Directly connecting the
phase outputs leads to short-circuits of the DC-link. So an interphase inductor is required
to limit this current. This can be a coupled or uncoupled inductor at each leg output,
where the connecting point is the new interleaved phase output. The coupled inductor
solution is shown in fig. 2.1. A coupled inductor is preferred as it increases the inductance
seen by the circulating current, and the load current does not saturate the core.

The benefit of interleaving is that it halves the RMS current through each leg, reducing
the stress on the semiconductor devices and reducing the resistive losses. Interleaving also
destructively interferes at some frequencies, and the specific frequencies that cancel differ
between 2LI and 3LI. It always results in a reduction of the RMS current in the DC-link
capacitor [12]. The peak current in the capacitor is unchanged, but the peaks occur for a
shorter duration [12]. Thus, for interleaved inverters, a smaller DC-link capacitor can be
chosen when ripple voltage or ripple current is the limiting factor.

2.3.1 Circulation Current

Circulating current (Icir) is the undesired current that flows between the parallel-connected
inverter legs in interleaved VSIs. It is created due to a voltage difference between the legs,
where it does not contribute to the load current. Icir should be limited as it decreases
system efficiency, saturates the interphase inductor, and increases thermal stress of the
DC-link capacitors and switches [13]. In chapter A, the peak circulation current (Îcir) was
derived for a 2LI and 3LI VSI using equivalent sequence SVM (for SVM see section 2.4).
The peak circulation current in a 2LI and 3LI VSI is respectively:

Îcir,2LI =
VDC

4Lcirfsw
; Îcir,3LI(m) =

VDC

8Lcirfsw
min

(
m
√
3, 1
)
. (2.1)

Here fsw is the switching frequency, VDC is the DC input voltage, m ∈ [0, 2√
3
] is the

modulation index and Lcir is the inductance seen by the circulation current. For a coupled
inductor with a self-inductance Ls and coupling factor k, the circulation inductance is
Lcir = 2Ls(1 + k) (uncoupled inductors have the same equation but k = 0) [14]. eq. (2.1)
assumes that the switching frequency is much greater than the modulated frequency (fac),
e.g. fsw ≫ fac. For the 2LI, low ratios do not result in an error of Îcir,2L. For the 3LI,
low ratios exhibit significant errors. The exact error is stated in section A.3.2, practically
using integer ratios of fsw

fac
> 12 the error is at most 18% and for fsw

fac
> 21 the error is at

most 10%.
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From eq. (2.1), it can be seen that the 3LI have half the Îcir compared to the 2LI for
the worst case of m ≥ 1√

3
. This is a significant benefit of using a 3LI, as the core saturation

is linearly dependent on Îcir [15]. To reduce the circulation current, three methods can be
used:

1. Reducing VDC. This cannot be done in most cases, because VDC is fixed by speci-
fication, such as the load requirements.

2. Increasing fsw. This can be done, as fsw is a design choice. However, it has
practical limits, as a higher switching frequency results in higher switching losses,
reducing efficiency.

3. Increasing Lcir. This can be achieved by increasing the Ls of the interphase in-
ductor. This also has its limits, as it increases resistive losses in the wire due to the
increase in turns, and it significantly increases the weight and volume of the inverter.

To effectively limit the circulation current, designers must increase Lcir and/or fsw. This
maintains system efficiency and prevents interphase inductor saturation, but it forces a
trade-off against the negative impacts of higher switching losses, volume, and mass. More
details about the design of the interphase inductor are provided in section C.5.

2.4 Modulation Scheme

A modulation scheme dictates the switching pattern of the VSI to synthesise a desired
three-phase sinusoidal output waveform. Multiple modulation schemes can be used, such
as sinusoidal pulse width modulation, third harmonic injection or SVM. SVM is used in
this work for its better utilisation of DC-link voltage, reduced THD and straightforward
digital implementation [16]. The core concept is explained in chapter A. The specific
implementation details for the conventional and interleaved VSIs are presented below.

2.4.1 Conventional SVM Implementation

For the conventional VSIs, the PLECS SVM blocks for 2L and 3L topologies are used. Both
blocks utilise a symmetrical, index-based SVM. This approach is well-suited as it centres
the active vectors within the switching period, a method known to reduce the THD of the
output waveforms [17]. The 3L version additionally includes a specific algorithm to ensure
the DC-link neutral-point voltage remains balanced [17].

2.4.2 Interleaved SVM Implementation

When applying SVM to interleaved inverters, two main approaches exist.

• Equivalent sequence SVM. This method phase shifts the carrier signals of the
individual inverters relative to each other, while sharing the same reference voltages.
For two legs, it is shifted by 180◦. The average of their per-leg phase voltages thus
results in three distinct phase output voltage levels for the 2LI, effectively producing
a 3L waveform. Similarly, the average phase voltage for the 3LI is a 5-level waveform.
This approach maintains the simplicity of conventional SVM, while effectively cre-
ating higher levels. However, the resulting switching sequence is only an equivalent
representation of some degrees of freedom inherent to true SVM [16].
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• True SVM. Here, the two parallel inverter legs are explicitly treated as one con-
verter, meaning a 3-level diagram is used for the 2LI VSI and a 5-level diagram for
the 3LI VSI. The reference voltage vector is synthesised directly within the space vec-
tor diagram, where the switching states of both phase legs are coordinated to realise
genuine voltage vectors. This method ensures that the average common-mode volt-
age difference between the two inverters is zero over each switching period, thereby
eliminating net circulating currents. Furthermore, it allows for the implementation of
both continuous and discontinuous pulse-width modulation (PWM) (DPWM) tech-
niques, providing better control over switching losses, current ripple, and equivalent
neutral-point balancing [16]. The trade-off is a higher implementation complexity, as
accurate coordination and reference signal modification are required.

In this work, the equivalent sequence SVM approach is selected due to its simplicity
and ease of implementation. It is realised by using two conventional SVM PLECS blocks
and introducing a 180◦ phase shift to the carrier of the second block. Although the true
SVM method would provide superior performance in terms of circulating current control
and THD, its implementation complexity was considered beyond the practical scope of this
study.

2.5 System Specifications

The VSIs are designed to drive a high-speed compressor for an aerospace application. This
application, along with regulatory standards, defines a fixed set of system specifications
that all designs in this thesis must meet. These specifications are detailed below and
summarised in table 2.1.

2.5.1 Regulatory Constraints

The primary constraints are derived from the aerospace standard DO-160G [6]. The stan-
dard dictates the nominal input voltage (VDC) of 540V (derived from two 270V supplies)
and an operational range of 470-570V. Additionally, the standard specifies a potential
surge voltage of at most 884V. Furthermore, it limits the conducted EMI by setting a
frequency-dependent limit on the current spectrum. The standard’s limit is 7% of the
maximum current (≈ 3.0A). To ensure compliance, a safety factor (SF) of 1.7 is applied,
resulting in a stricter design target of Ipp ≤ 1.8A. Furthermore, it sets the environment
in which the heatsink system must operate, specifying an ambient temperature (Tamb) of
−55 ◦C to 70 ◦C and a pressure (Pamb) of 11.6 kPa to 101.32 kPa [6].

2.5.2 Load and Operational Requirements

The load is a 20 kW high-speed compressor (PL) operating at a modulated frequency (fac)
of 2 kHz. For simulation and analysis, the load is modelled with an inductance (LL) of
170 µH and a resistance (RL) of 3.45Ω to represent the back-EMF. From the power and
nominal voltage, the maximum input current (IDC) is calculated to be 43.4A, assuming a
target efficiency (see eq. (C.1)).

2.5.3 Safety and Design Constraints

Several constraints are imposed for safety and design robustness. To limit leakage currents,
the maximum CM capacitance (CCM,max) is a design choice set to 180 nF. This limit
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applies to any added capacitance from the DC-link to the ground/chassis. The maximum
temperature of the heatsink (Ths,max) is set to 100 ◦C. This temperature is a key factor
that determines which temperature class of components can be used. For a forced air
cooling system, it must be set higher than the maximum ambient temperature (Tamb,max)
of 70 ◦C, where a larger margin is an easier design but requires a more limited temperature
class of components. The peak-to-peak input voltage ripple (Vpp) is limited to 1% of the
VDC (i.e. 5.4V), to ensure DC-link stability and controllability.

Table 2.1: System specifications used for all inverters

Parameter Value
Input voltage range 470-570V
Nominal input voltage (VDC) 540V
Maximum surge voltage 884V
Input current (IDC) 0-43.4A
Maximum input voltage ripple (Vpp) 0.01VDC = 5.4V

Maximum input current ripple (Ipp) 0.070 IDC
SF ≈ 1.8A

Load power draw (PL) 20 kW
Load inductance (LL) 170 µH
Load resistance (EMF imitator) (RL) 3.45Ω
Modulated frequency (fac) 2 kHz
Ambient temperature range (Tamb) -55-70 ◦C
Ambient pressure range (Pamb) 11.6-101.32 kPa
Maximum heatsink temperature (Ths,max) 100 ◦C
Maximum CM-to-ground capacitance (CCM,max) 180 nF
Safety factor (SF) 1.7
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Chapter 3

Design Framework

To ensure a fair and objective comparison between different inverter topologies, a system-
atic, multi-stage optimisation framework is employed. This automated process, detailed in
fig. 3.1 and expanded upon in chapter C, ensures that every inverter design meets the same
system specifications and constraints (e.g., PL, VDC, EMI limits) while being optimised for
minimum mass and volume. The framework executes a sequential design flow, where the
results from one stage are used as inputs for the next.

1. DM filter stage: The process begins with the DM filter. This stage performs a
wide search by sweeping through a library of pre-defined DC-link inductors (LDC)
and DM capacitors (CDM). For each pair, it performs a binary search to find the
minimum DC-link capacitance (CDC) required to meet three criteria: DM noise
spectrum 6 dB below limit line, below maximum voltage ripple, and below maximum
current ripple. From all valid designs, the algorithm selects the optimal one using a
weighted normalised score (score = 2m̃+ Ṽ ) that heavily prioritises low mass, which
is a key priority for the chosen aerospace compressor application.

2. Interphase inductor stage: For interleaved topologies, this stage calculates the
required circulating current inductance (Ls). It then searches a pre-defined core
and winding library to select the lightest physical inductor design that meets this
requirement without saturating. This selected design also determines the equivalent
filter inductance (Lf =

1
2Ls(1 − k) [14]), which is the inductance seen by the phase

leg output current.

3. CM filter stage: Using the components from the optimised DM filter and the
interphase inductor’s equivalent filter inductance, the CM filter is designed. This
stage performs a binary search to find the minimum CM choke inductance (LCM) that
successfully attenuates the CM noise spectrum to at least 6 dB below the regulatory
limit.

4. Complete design and sizing: This block gathers all the designed component
values. It uses this to complete the design in the following steps:

(a) Design the heatsink: First, a loss simulation is run to determine the total
power dissipation under worst-case conditions. The loss value is then used
to calculate the mass and volume of the forced-air cooling system, by using
pre-determined mass and volume performance indices (mass performance index
(MPI) and cooling system performance index (CSPI)).
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Figure 3.1: Multi-stage optimisation design flow for inverter design.
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(b) Calculate final mass/volume: The framework calculates the size of the
power printed circuit board (PCB), estimates the housing dimensions, and sums
the mass and volume of all components (filters, heatsink, PCB, and other fixed-
value parts) to produce the final inverter design.

The output of this framework is a complete inverter design with its total mass, volume,
component values and simulated losses and THD, allowing for an objective comparison of
different topologies.

To conduct the comparative evaluation presented in the next chapter, this framework
was used to create a comprehensive design space by systematically sweeping a set of key
design choices. While the system specifications are constant for all designs (as stated in
table 2.1), the primary variables swept are:

• Inverter topology: The eight conventional and interleaved topologies under inves-
tigation.

• Device count: The total number of MOSFETs and diodes, ranging from 6 to 72.

• Switching frequency: Five levels: {24, 36, 48, 60, 72}kHz.

• Peak circulating current: For interleaved topologies, there are five peak circulat-
ing current levels from 10% to 50% of the RMS output current.

• Inductor Wire Gauge: Two options for the interphase inductor wire size: 7 AWG
and 9 AWG.

By sweeping these parameters, a total of 780 unique and fairly comparable inverter
designs were generated. For more details about the detailed design process and the com-
ponents used, the reader is referred to chapter C. For more details about the simulation
set-up, the reader is referred to chapter B. The performance of these designs is evaluated
and benchmarked in the next chapter.
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Chapter 4

Performance Evaluation

The 780 inverter designs created using the framework of chapter 3 are evaluated in this
chapter. This evaluation is done for the four key performance metrics, efficiency, THD,
mass and volume. The performance metrics are examined individually to find the impact of
the design choices such as the topology, device count, switching frequency and wire thick-
ness. Finally, a system-level comparison is performed using Pareto fronts and summary
spider charts.

4.1 Efficiency and Power Loss

Efficiency is a critical performance metric for inverters, not only for the power saving,
but also because it directly influences cooling requirements. In this section, the efficiency
across the inverter types is analysed with respect to the design choices: switching fre-
quency, number of parallel devices and interphase inductor design criteria. To start, a loss
breakdown will be performed across the inverters. All results in this section are at 20 kW
output power.

4.1.1 Loss Breakdown

In fig. 4.1, the losses are broken down per inverter type for the highest efficiency design.
Comparing the interleaved versions against their conventional counterpart, it can be seen

Figure 4.1: Loss breakdown by component for each inverter topology. Operating point:
Pout = 20 kW, fsw = 24 kHz, 72 devices total, and if applicable, a 9AWG interphase
inductor inducing Îcir = 4.7A ≈ 0.1Îout,RMS.
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that they have higher losses. These extra losses are roughly equal to the resistive losses and
the core losses in the interphase inductors. Comparing the 3L VSI with the 2L inverter,
the NPC has higher losses, mainly due to high diode losses. The ANPC and T-type have
lower losses than the 2L VSI. This is not universally true, as it is dependent on switching
frequency and device count. All the 3L VSI have lower switching losses, but also higher
conduction losses. For NPC and ANPC, the switching losses are lower due to the lower
voltage across the MOSFETs, whereas the conduction losses are higher as they now need to
pass through two switches. For the 3L T-type compared to the 2L VSI, the only thing that
is added is the back-to-back MOSFET to the neutral point. The back-to-back MOSFET
has higher conduction losses but reduced switching losses, resulting in a net decrease in
losses. Overall, interleaving increases total loss for equal device counts, and depending on
configuration, not all 3L VSIs outperform the 2L VSI.

4.1.2 Effect of Switching Frequency

Figure 4.2: Efficiency versus switching frequency for all inverter topologies. Operating
point: Pout = 20 kW, 72 devices total, and if applicable, a 9AWG interphase inductor
inducing Îcir = 4.7A ≈ 0.1Îout,RMS.

Figure 4.2 plots the efficiency versus switching frequency using a comparable configuration.
The efficiency declines approximately linearly with switching frequency, where the conven-
tional and interleaved 2L VSI decline more steeply than the multilevel inverters. This
suggests that the switching losses in the 2L VSI grow quicker than in the 3L VSIs. The
T-type inverter has a slope in between that of the ANPC/NPC and the 2L VSI, because
only the neutral-point back-to-back pair sees reduced voltage, the line devices still switch
near VDC. The ANPC only shows significantly improved efficiency compared to the T-type
at high switching frequencies, while at low switching frequencies they are roughly equal.
Furthermore, the interleaved inverters have a slightly shallower decrease in efficiency than
their conventional counterpart because the interphase inductors become smaller and thus
more efficient at higher frequencies. Even so, the interleaved variants remain less efficient
over the full frequency range.

These observations are consistent with fig. 4.3, which shows the exact breakdown of
losses over switching frequency. The switching losses dominate the loss increase with
switching frequency. The increase is largest for 2L, followed by T-type, and ANPC/NPC
have the smallest increase. A small decrease in filter losses and interphase inductor losses
can be observed, meaning that these components do improve within the switching frequency
range.
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Figure 4.3: Total inverter loss breakdown versus switching frequency for each topology.
Operating point: Pout = 20 kW, 72 devices total, and if applicable, a 9AWG interphase
inductor inducing Îcir = 4.7A ≈ 0.1Îout,RMS.

4.1.3 Effect of Device Count

Figure 4.4: Efficiency versus total device count (MOSFETs + diodes) for all inverter
topologies. Operating point: Pout = 20 kW, fsw = 36 kHz, and if applicable, a 9AWG
interphase inductor inducing Îcir = 4.7A ≈ 0.1Îout,RMS.

In fig. 4.4, the efficiency is plotted against the total device count, including MOSFETs and
diodes. The total number of devices was increased up to a maximum of 72, with a step size
that varies as each inverter type has a different base device count. The efficiency improves
greatly for the first steps of the device count, and then the improvement per step decreases.
The improvement in efficiency is mainly due to the decrease in conduction losses, which is
inversely proportional to the number of parallel devices.

The total number of devices is directly related to the size of the power PCB. For a small
power PCB footprint (6-12 devices), the conventional 2L VSI offers the best efficiency at
the same switching frequency. The conventional T-type has the best efficiency at a low to
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medium device count (12-48 devices) for the multilevel inverters, while the conventional
ANPC is best at the very highest device count (54-72 devices).

Comparing the 2LI VSI at low device count to the conventional multilevel inverters, it
can be seen that it is competitive in terms of efficiency. However, this is not universally true,
as the switching losses in the 2LI grow more quickly than for the multilevel inverters, so at
higher switching frequencies the performance of the 2LI will be worse. So, interleaving can
be competitive at low device count in terms of efficiency. Among the interleaved options,
the interleaved T-type is the best performing inverter under high and low device counts.
But at the highest device count and high switching frequency, the interleaved ANPC is
slightly more efficient.

4.1.4 Effect of Interphase Inductor

Figure 4.5: Efficiency versus peak simulated circulation current Îcir for interleaved topolo-
gies with two interphase inductor wire gauges (7AWG and 9AWG). Operating point:
Pout = 20 kW, fsw = 24 kHz, 72 devices total. Range shown: Îcir ≈ 10%−50% of Îout,RMS.

The interphase inductor had three main design choices: the wire size, the core used and
the maximum peak circulation current. In fig. 4.5, the efficiency versus simulated peak
circulation current is plotted for two wire thicknesses. The RMS output current was
47A, so the plotted circulation current is in the range of 10% to 50% of the RMS output
current. The general trend is that more circulation current results in more losses. The exact
decrease profile is primarily a combination of the peak-to-peak B-field, core volume and the
equivalent series resistance (ESR) of the interphase inductor (for details see section B.3).
When the peak circulation current goes from roughly 10% to 50% of the RMS output
current, the efficiency drops by roughly 0.5-0.7%, where this is a critical effect in the high
efficiency regime of around 99%.

It can be seen that the thicker 7AWG at a lower circulation current has a higher effi-
ciency than the thinner 9AWG wire, due to the lower ESR. However, at higher circulation
currents, the interphase inductor with the thinner 9AWG wire results in a higher efficiency.
This is due to the 7AWG wire requiring a larger core. This reduces the B-field but in-
creases the core volume. The core losses for the same input conditions are proportional to
Ve ·Bc, where Ve is the core volume, B the magnetic flux density in the core, and c is the
Steinmetz material constant [15]. Even though B decreases for the 7AWG wire, the larger
Ve dominates and decreases the efficiency compared to the smaller 9AWG wire inductor.
Thus, choosing a thicker wire is not always the most efficient.

The simulated peak circulation current is not always equal to the predicted maximum,
as seen from the variation in marker location around the predicted values. This is mainly
dependent on the modulation index and ratio of fsw to fac as explained in section A.3.2.
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4.2 Total Harmonic Distortion (THD)

THD is an important figure of merit for inverters, as it increases motor losses. While output
voltage THD is useful to compare modulation strategies and inverter topologies, its impact
on the machine is indirect because voltage harmonics translate into loss primarily via the
resulting harmonic currents. The voltage THD only affects the iron losses. The majority of
the harmonic losses in the motor are proportional to the sum of squared harmonic currents
in the stator and rotor [18]. This makes the current THD the best motor loss indicator.
Accordingly, we evaluate both voltage and current THD, but emphasise current THD for
performance comparisons.

4.2.1 THD versus Switching Frequency

(a) (b)

Figure 4.6: THD vs switching frequency. NPC, ANPC, and t-type are bundled under 3L,
and their interleaved version under 3LI. All 780 designs are drawn, and the connecting line
is drawn for the most efficient design. (a) Voltage THD, (b) current THD.

In fig. 4.6a, the phase output voltage THD is shown as a function of switching frequency.
While small fluctuations with frequency are visible, no clear trend can be identified. What
can be seen is that the modulation type used is the dominant factor. Averaged across all
designs and switching frequencies, the THD levels are approximately 76% for the 2L VSI,
59% for the 2LI VSI, 39% for the 3L VSI and 33% for the 3LI VSI. This confirms that
increasing the effective number of voltage levels reduces the THD, through the smaller steps
available. Since the output voltage has no filtering component except for the interphase
inductor, no significant change is expected with frequency.

In fig. 4.6b, it can be seen that the order of the output current THD level is the same
as for the voltage THD level. Moreover, the THD of the output current decreases for
all inverter types with switching frequency. This is because the motor inductance has a
filtering effect on the high-frequency current, so that higher switching frequencies are more
effectively filtered. Consequently, a multilevel inverter can achieve the same THD at a
lower switching frequency. For example the 3L compared to the 2L reduces the current
THD at 36 kHz by 50%. For the 2L to have equal THD, it would require a little more than
double the switching frequency of the 3L.

The interleaved compared to the conventional inverter has a lower THD. A 2LI VSI
can create 3 levels, just like a 3L VSI. From fig. 4.6 it can be seen that the THD of the
2LI VSI is not equal to that of the 3L VSI. This is because equivalent SVM is used (see
section 2.4). This is different from a true SVM modulation scheme, because it does not
always apply the nearest voltage vectors. Thus, the voltages at the phase outputs differ
from the ideal 3L case, thus leading to a higher THD. If the proposed method of [16] were
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to be used, then the THD of the 2LI VSI would be roughly equal to that of the 3L VSI.
This is because the output waveform generation is identical, but the interleaved inverter
has a slightly reduced THD due to the filtering effect of Lf.

Furthermore, in fig. 4.6 all the 780 designs are plotted, from which it can be seen that
the variance per group is small, meaning that the THD is only driven by the switching
frequency. Only for the interleaved inverters is a small spread visible. This is due to the
different interphase inductors used, where variations in equivalent filter inductance slightly
affect the THD.

4.2.2 Relation between THD, Losses and Mass

(a) (b)

Figure 4.7: All inverter configurations use 72 devices and if applicable, an interphase
inductor of 7AWG that produces Îcir = 4.7A. (a) current THD versus losses at 20 kW,
(b) current THD versus mass.

Figure 4.7a compares current THD with total inverter losses under equal device count
and interleaving conditions. The conventional and interleaved two-level topologies clearly
form the least favourable cluster, requiring significantly higher losses to achieve a given
THD. In contrast, conventional and interleaved three-level topologies occupy the desirable
low-loss and low-THD region.

The 2LI VSI has reduced THD for the same losses, compared to the conventional 2L
VSI. Whereas the opposite occurs for the 3LI case, where the interphase inductor losses
outweigh the gains from the THD improvement. Thus, interleaving only offers a worthwhile
trade-off for the 2LI VSI in terms of efficiency. Where THD of interleaving can be further
reduced by implementing a true SVM scheme (see section 2.4).

Figure 4.7b shows the THD versus the mass, for the same configuration. It can be seen
that the conventional VSIs have the lowest mass for a given THD. The 3LI VSIs have a
significantly smaller mass at lower THD values, due to the decrease in interphase inductor
size. The 3L VSIs have a low mass, but at 3.3% THD it is equal to the 2L VSI, indicating
that in terms of specific power the 2L can still be a good option. However, when looking
back at fig. 4.7a, it can be seen that the losses of the 2L are almost double at 3.3% THD
compared to the 3L ANPC. Still indicating a clear advantage of the conventional 3L VSIs.

Overall, a clear trade-off emerges: if higher THD is acceptable, the two-level inverter
remains competitive in both mass and losses. However, for low-THD requirements, con-
ventional three-level inverters outperform the other topologies in terms of both efficiency
and mass. It is important to note that these results correspond to a specific configuration;
selecting a design with fewer components could better leverage the inherent advantages of
the conventional 2L VSI (see section 4.1.3).
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4.3 Mass and Volume

Mass and volume, and their corresponding metrics of specific power (kW/kg) and power
density (kW/L) are key metrics for aerospace inverters. In practice, the same design choices
that influence the efficiency also influence the mass and volume: switching frequency, device
paralleling, and interphase inductor design. This section evaluates how these choices affect
the mass and volume.

4.3.1 Mass and Volume Breakdown

(a) (b)

Figure 4.8: Mass and volume breakdown by component for each inverter topology. Op-
erating point: Pout = 20 kW, fsw = 24 kHz, 72 devices total, and if applicable, a 9AWG
interphase inductor inducing Îcir = 4.7A ≈ 0.1Îout,RMS. (a) Mass breakdown. (b) Volume
breakdown.

In fig. 4.8a, the mass of the inverters has been split into the different components. From
which it can be seen that the interphase inductors are the main reason for a large mass
difference between the conventional and interleaved inverters. The interleaving did decrease
the mass of the DM filter, but this did not outweigh the mass increase due to the interphase
inductor.

For the breakdown of the volume in fig. 4.8b, it can also be seen that the main difference
between the conventional and interleaved inverters comes from the interphase inductor.
Due to the same configuration, the rest of the inverters are very similar, only the NPC has
a slightly lower volume and mass due to diodes not requiring driving circuitry. Given that
mass is a primary design constraint in aerospace, the following analysis will focus on mass,
although the trends for volume are strongly correlated.

4.3.2 Effect of Switching Frequency

In fig. 4.9, the change of the system mass versus switching frequency can be seen. The
overall trend is that the mass drops with switching frequency. This is mainly due to a
decrease in required interphase inductance and EMC filter size. This decrease will not
continue indefinitely, as seen for instance for the 2L VSI. This is because the growth in
switching losses requires a larger heatsink, which at some point will increase the net system
mass.

This effect can more clearly be seen when splitting all the losses separately as done in
fig. 4.10. From which it is clear that the mass of the filter and interphase inductor drops
while the heatsink mass grows. Furthermore, it can be seen that the DM filter decreases
significantly with switching frequency, while the CM filter stays roughly constant. This is
expected as increasing the switching frequency decreases the voltage and current ripple,
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Figure 4.9: Total inverter mass breakdown versus switching frequency for each topology.
Operating point: Pout = 20 kW, 72 devices total, and if applicable, a 9AWG interphase
inductor inducing Îcir = 4.7A ≈ 0.1Îout,RMS.

decreasing the requirement on the DC filter. While a higher switching frequency does not
decrease the CM filter size, as the envelope of the CM noise is flat until the one over the
rise/fall time of the MOSFETs [19]. So if the rise/fall time does not change, the CM noise
envelope does not change, so no change in mass is expected. For the interleaved inverters, it
can be seen that a higher switching frequency reduces the size of the interphase inductor.
Which is expected as the required inductance is inversely proportional to the switching
frequency (∝ 1

fsw
). Where the drop in total mass is larger for the 3LI VSIs, as there the

heatsink size does not grow as quickly as for the 2LI VSI.

Figure 4.10: Total inverter mass breakdown versus switching frequency by component for
each topology. Operating point: Pout = 20 kW, 72 devices total, and if applicable, a
9AWG interphase inductor inducing Îcir = 4.7A ≈ 0.1Îout,RMS.
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4.3.3 Effect of Device Count

Figure 4.11: Total inverter mass versus total device count (MOSFETs + diodes) for all
topologies. Operating point: Pout = 20 kW, fsw = 36 kHz, and if applicable, a 9AWG
interphase inductor inducing Îcir = 4.7A ≈ 0.1Îout,RMS.

In fig. 4.11, the inverter mass is plotted against the total number of devices. A clear trend
can be seen across all topologies, where more devices result in a higher mass. This change
is driven by the extra mass of the devices, the extra PCB mass and the larger housing.
Where the slopes depend on the topology, as for instance NPC require fewer gate drivers,
thus it is also lighter.

An interesting effect can be seen for the 2L VSI at low device numbers. At the initial
increase of devices, the total inverter mass decreases. This is due to the decrease in
heatsink mass. This is closely linked to the initial efficiency gain seen in fig. 4.4. Initially,
it has a large efficiency gain, after which the marginal gain per step decreases. The mass
and volume of the heatsink are directly linked to the efficiency. So initially, the heatsink
mass was larger than the additional mass of the devices. For the conventional multilevel
inverters, it can be seen that the first step in device count resulted in only a small increase
in mass, but a significant step in efficiency. For the interleaved inverters, this behaviour
cannot be observed. Where this trade-off lies is dependent on the exact MOSFET selected,
and then mainly on the on-resistance.

4.3.4 Effect of Interphase Inductors

When a larger peak circulation current is allowed, the required interphase inductance
decreases. However, the mass of the interphase inductor is not only determined by the
required inductance but also by the peak circulation current itself. As a higher circulation
current increases the Amps per Turn (I · N), which decreases the inductance coefficient
(AL) at that current. This then requires more turns to get the same inductance [15], which
increases the weight. This can also be seen for the 7AWG 2L VSI in fig. 4.12, where this
decrease is mainly due to the three interphase inductors together decreasing in mass from
3.45 kg, to 2.13 kg. This was a special case as initially it needed to use 2 cores to get to the
required inductance, where at 9.4A it only required 1 core per inductor, greatly reducing
the required mass. All other interphase inductors used only 1 core, so this change is not
as large.

The 9AWG 2L VSI combined interphase inductor mass goes from 1.40 kg at 4.7A, to
1.17 kg at 9.4A and 1.00 kg at 23.5A. Thus, the decrease in mass of the interphase inductor
alone is not significant, mainly due to the requirement to handle higher currents. Further-
more, due to the higher circulation current, the losses also increase as seen in fig. 4.5. This
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Figure 4.12: Total inverter mass versus peak circulation current for interleaved topologies
with two interphase inductor wire gauges (7AWG and 9AWG). Operating point: Pout =
20 kW, fsw = 24 kHz and 72 devices total.

requires a larger heatsink, which adds more mass counteracting the small mass decrease
in the interphase inductor. This complex interaction means simply minimising inductance
doesn’t guarantee minimum mass. A more effective way to reduce the interphase inductor
size is to increase the switching frequency, as seen in fig. 4.10.

Comparing the mass of the 9AWG with the 7AWG designs in fig. 4.12, it can be seen
that the mass is significantly less for the 9AWG options. Neglecting the outlier where the
number of cores changed, the average decrease in mass is 12%. While the difference in
efficiency was not more than 0.1%, it was even more efficient in some conditions to have a
smaller wire size (see section 4.1.4). This highlights that the interphase inductor design is a
critical mass-versus-efficiency trade-off where simple component-level assumptions, such as
a higher allowed circulating current always resulting in a lower system mass, are sometimes
invalid. The optimal solution requires a system-level balance between the direct mass of
the magnetic components and the total system losses, which are themselves dependent on
design choices like circulating current and switching frequency.

4.3.5 EMC Filter Mass

DM Filter Effects

The change in CM and DM filter mass can be observed in fig. 4.13 for the 2L and 2LI VSI.
The DM filter comprises mainly of the DC-link inductor and DC-link capacitor, where a
decrease can be observed in DM filter size with switching frequency. This has two main

(a) (b)

Figure 4.13: Filter mass breakdown, where other passives include the CM and DM capaci-
tors and damping. Operating point: 72 devices total and if applicable, a 9AWG interphase
inductor inducing Îcir = 4.7A ≈ 0.1Îout,RMS. (a) 2L VSI. (b) 2LI VSI.
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reasons: first, for a higher switching frequency, the DM noise also moves to a higher
frequency. This allows the cut-off frequency of the filter to also increase, reducing the size
of the passive components. The second is that a higher switching frequency reduces the
normalised voltage and current ripple [20], so for the same ripple requirement, the filter
size can be smaller. This decrease in filter mass is not linear, as can be observed in fig. 4.13.
Firstly, as component size and mass are not linear. Secondly, as the cut-off frequency (fc)
shift and component size change are also not linear, as for a second-order low pass filter:
LDCCDC ∝ 1

4π2f2
c
.

When comparing the conventional and interleaved two-level DM filter mass, it can be
observed that at 24 kHz the DM mass for the interleaved version is halved. While for
the higher switching frequencies, this decrease is not as significant. This indicates that
interleaving only offers a significant DM filter benefit if the DM noise is large, but it does
always reduce DM filter size. This benefit of interleaving is also observed in the multilevel
topologies, as shown by the consistently lower DM filter mass for the interleaved variants
in fig. 4.10. However, the trend that interleaving only offers a significant DM filter benefit
at low frequencies cannot be seen for the T-type. This might mean that the DM noise was
not large enough or that this is not a general phenomenon.

CM Filter Effects

The CM filter is not expected to change with the switching frequency as discussed in
section 4.3.2. However, a small fluctuation of LCM can be seen in fig. 4.13, mainly due to
the position of peaks relative to the limit line changing, which can lead to small fluctuations
in the filtering needed. The CM filter is also not influenced by the interphase inductor, as
the equivalent filter inductance at the output results in a low-pass filter where the cut-off
frequency is not close enough to that of the filter to help attenuate the noise. The CM
inductor is influenced by the size of the stray capacitance, which increases with the number
of parallel devices. This extra attenuation needed by the filter can be approximated with
[21],

∆HdB, CM(Cs) ≈ 20 log10

(
3Cs + Coutput,CM

Coutput,CM

)
. (4.1)

Here Cs is the added stray ground-source capacitance of a single MOSFET and Coutput,CM is
the sum of the CM output capacitances (all capacitance at the right-hand side of the source
in fig. B.4). This implies that for a linear increase of Cs with device count, the attenuation,
and thus CM inductance (LCM) also would grow linearly. In fig. 4.14 LCM is plotted against
the device count, where it is nearly linear as expected from eq. (4.1). However, it curves
slightly as some of the ground-source capacitances are connected to the DC-link, which
filters the noise. Thus, the simulation meets the theoretical and experimentally verified
expectation of [21], which confirms that at least the change with device count is correctly
captured in the model. Due to the use of a nanocrystalline core, the increase in CM
inductance does not significantly add weight, as it often only requires a single extra turn,
making the effect negligible for our setup.

Comparing the required LCM for the conventional VSIs, it can be seen that the 2L
requires significantly more inductance than the T-type, which requires slightly more than
the NPC/ANPC. Furthermore, it can be observed from fig. 4.14 that interleaving also
offers a benefit for the CM filter, as the interleaved topologies consistently require a lower
CM inductance than their conventional counterparts.
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Figure 4.14: CM inductance relationship with the total number of devices. Operating
point: fsw = 36 kHz and if applicable, a 9AWG interphase inductor inducing Îcir = 4.7A ≈
0.1Îout,RMS.

4.4 System Level Trade-Off Between Efficiency, Specific Power
and THD

Figure 4.15: Pareto fronts of inverter designs in terms of efficiency versus specific power.
Left, all designs, with marker fill indicating the corresponding THD range. Right, designs
constrained to THD ≤ 2.2%, with marker fill denoting finer THD range.

In fig. 4.15, the Pareto front for inverter efficiency and specific power is shown across all
topologies, where the marker fill identifies the THD range. For the unconstrained case on
the left, the conventional inverters dominate over the interleaved inverters, mainly due to
the interphase inductors. The 2L VSI is capable of reaching high specific power and high
inverter efficiency, but it comes at the expense of increased THD, above 4%. In contrast,
the 3L T-type and ANPC have high specific power with high efficiency at notably lower
THD levels. The T-type can offer higher specific power than the ANPC when a drop in
efficiency is permissible.

The right plot in fig. 4.15 applies a THD constraint of ≤ 2.2%, chosen to limit motor
losses and ensure all inverter topologies can be fairly compared within a common operating
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Figure 4.16: Pareto fronts of inverter designs in terms of efficiency versus power density.
Left, all designs, with marker fill indicating the corresponding THD range. Right, designs
constrained to THD ≤ 2.2%, with marker fill denoting finer THD range.

boundary. Under this constraint, the performance of the 2L VSI is strongly penalised,
due to the higher required switching frequency, which reduces efficiency. The multilevel
inverters still retained a high specific power and efficiency trade-off, where the T-type can
offer a better specific power. However, the ANPC has lower switching losses growth (see
fig. 4.3) and thus compared to the T-type can offer lower THD at the same performance.

As anticipated from the THD analysis in section 4.2, the interleaved inverters remain
unable to compete with their conventional counterparts, except the 2LI VSI, which achieves
improved efficiency for the same THD but only at the expense of reduced specific power.

In fig. 4.16, the analysis is performed again, but now for the power density. While the
overall trends are similar to the specific power analysis, the relative performance rankings
between certain topologies have shifted. This is expected, as both are correlated. However,
the 2L VSI shows the best power density possibility, with the caveat that when limiting
the THD, it is heavily penalised again. The interleaved T-type inverter outperforms the
conventional NPC for the power density efficiency trade-off.

Overall, figs. 4.15 and 4.16 highlight that once realistic THD limits are imposed, mul-
tilevel topologies, particularly the ANPC and T-type, consistently provide the best com-
promise between efficiency, specific power, power density and THD.

4.5 Overall Benchmarking

In fig. 4.17, the overall benchmarking of the investigated inverter topologies is visualised
through a spider chart. A larger and more balanced shape indicates a superior overall
performance profile. From this, the conventional 3L T-type is the superior choice. It gives
the most balanced performance across all metrics. In contrast, the 2L VSI performs well
in design complexity, power density and specific power, but its performance is undermined
by a low efficiency and THD compliance. The efficiency of the 2L VSI was competitive
when a low THD was not required (see fig. 4.15), so the 2L VSI is only a good solution
when low THD is not required. The ANPC and NPC offer a less balanced performance
than the T-type, but better than the 2L VSI.

When comparing the interleaved to the conventional inverters, it is apparent that their
performance is lower, as their shapes are smaller. Where only for the THD compliance, do
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(a) (b)

Figure 4.17: Performance comparison chart for a stringent THD requirement, (a) for the
conventional inverters, (b) for the interleaved inverters. Raking system given in chapter E

they have a better performance than their conventional counterparts. This visually con-
firms the conclusion of the preceding sections, which concluded that generally the mass,
volume, and loss penalties of the required interphase inductors outweigh the filtering bene-
fits at a system level. For the interleaved inverters, the 3LI T-type offers the best trade-offs,
but it does not compete against the conventional 3L T-type.

The spider chart analysis clearly indicates that the multilevel inverters can consistently
outperform the two-level inverters and that the conventional inverters can consistently
outperform the interleaved inverters.
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Chapter 5

Discussion

5.1 Remarks and Observations

The outcome of this research has provided insight into how the most suitable inverter topol-
ogy for an aerospace application can be selected, revealing that for the 20 kW compressor
system, there is no single ’best’ VSI. Rather, the application priorities play a significant
role, and the interpretation of the results hinges on the ’efficiency cost’ each VSI topology
must pay to produce a low output current THD. For applications with stringent current
THD requirements, 3L VSIs consistently and significantly outperform their 2L counter-
parts. Generating smaller voltage steps allows the 3L inverters to achieve lower voltage
THD, reducing the switching frequency required to achieve a target current THD. This, in
turn, reduces the switching losses, which leads to higher efficiency and a smaller, lighter
heatsink. In contrast, the 2L VSI is forced to compensate for its larger output voltage
steps by operating at close to double the switching frequency to meet the same low-THD
target. Furthermore, the switching losses for the 2L VSI also grow faster with switching
frequency, compared to the 3L VSIs, as shown in fig. 4.3.

Following this logic, it is expected that the interleaved inverters would outperform due
to having more voltage levels and destructive interference, reducing the filtering require-
ments. This is where the system-level approach shows that the added interphase inductor
mass is significantly more than the mass and volume reduction in the EMC filter (fig. 4.8).
Furthermore, the efficiency loss inside the interphase inductor outweighs the efficiency gain
from a lower switching frequency (fig. 4.7a). This conclusion is dependent on the inter-
leaved modulation strategy. In particular, the performance of the 2LI VSI is negatively
impacted by the use of equivalent SVM instead of true SVM [16]. If true SVM was im-
plemented, the THD of the 2LI VSI would be equal to that of the 3L VSI, improving its
performance. Even with this improved THD, it is unclear if the 2LI VSI could overcome the
fundamental mass and loss penalties of its required interphase inductor. This highlights
that the implementation can shift the performance metrics.

For the specific compressor application, the results demonstrate that for a fair com-
parison, component-level intuition can be misleading, and system-level trade-offs that ac-
count for the interaction between subsystems must be considered. For example, a counter-
intuitive result from the system-level approach is that when initially adding devices to the
2L VSI, the total system mass decreases (fig. 4.11). While adding devices increases the com-
ponent mass, the net system mass decreases because the resulting efficiency gain reduces
the heatsink mass by a greater amount. Similarly, for several topologies, increasing the
switching frequency eventually increased the total mass (fig. 4.9), as the reduction in pas-
sive component size was outweighed by the significant mass penalty of the larger heatsink
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required to dissipate the higher switching losses. A final non-obvious trade-off was revealed
in the design of the interphase inductor, where using a thicker, lower-resistance wire was
found to be less efficient at high circulating currents (fig. 4.5). The assumption that lower
resistance is always better was proven false, as the thicker wire required a larger magnetic
core, and the resulting increase in core losses surpassed the savings in conduction losses.
These findings prove the need for the system-level design framework, as only by evaluating
the interactions between subsystems can these critical, non-obvious design trade-offs be
revealed.

This thesis provides a method for selecting a suitable inverter topology for an aerospace
application. The selection process starts with a rigorous definition of the application prior-
ities. This includes which metrics are most important and in which order, be it minimising
mass, maximising efficiency or a low THD limit. Only after these priorities are well es-
tablished can the framework guide the selection process, where the result varies depending
on the system specifications and design choices under investigation. The priorities for the
20 kW high-speed compressor application are, in order: a current THD limit of 2.2% (to
limit motor losses), low mass, and high efficiency. For this application, the spider chart
(fig. 4.17 and Pareto-fronts (fig. 4.15) provide a clear, visual tool for topology selection.
In this case, the 3L topologies come out on top, with the T-type offering the best overall
balance. However, if the application priorities were to change, the optimal topology would
likely change as well. For instance, an application with relaxed THD and efficiency re-
quirements, but very stringent volume requirements, might result in the 2L VSI being the
most suitable inverter. As seen in Figure 4.16, it can offer the highest power density due
to its compact PCB footprint. The ultimate value of this thesis lies not just in this specific
result, but in demonstrating the capability of the system-level framework to produce clear,
quantitative and reproducible comparisons.

5.2 Limitations

While the developed framework provides a robust basis for comparing inverter topologies,
the research has several limitations that should be acknowledged:

• Simplified EMI simulation models. The EMI models used for the filter design
were simplified to ensure computational feasibility. The approach separates the anal-
ysis of DM and CM noise, which does not fully account for mixed-mode emissions
that occur in practice [22]. Furthermore, key parasitics such as the DC-link capac-
itor’s stray inductance and parasitic capacitances were neglected. Including these
effects would improve the model’s accuracy and likely result in a larger EMC filter
design that is more heavily dependent on the topology. Furthermore, the models rely
on exact parasitic values, but these are heavily design dependent. Another potential
cause of error is that the EMI spectrum has only been simulated at the nominal
voltage and maximum current, and not the complete operating range. The change
in voltage affects the noise generation, and the change in current affects the size of
the inductors due to core saturation.

• Suboptimal modulation for interleaved inverters. This study employed an
equivalent sequence SVM for the interleaved topologies due to its simpler imple-
mentation. This method does not achieve the same level of performance as a true
SVM scheme, resulting in higher THD. Consequently, the performance of the inter-
leaved topologies, particularly the 2LI VSI, may be understated in this comparison,
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as a more advanced modulation strategy could improve their efficiency and waveform
quality.

• Subjectivity in the optimisation framework. The framework’s design selection
was guided by criteria that, while systematic, included subjective elements. The
score = 2m̃ + Ṽ metric applies an arbitrary 2:1 weighting to mass over volume,
and key constraints like the 1% DC-link voltage ripple were self-imposed rather than
derived from regulations. Consequently, the resulting "optimal" designs are tailored
to these specific priorities, and a different weighting or set of constraints could lead
to different conclusions, even though the comparative methodology remains fair.

• Approximations in physical and mechanical modeling. To manage the com-
plexity of evaluating 780 unique designs, the physical realisation of components was
approximated. The heatsink was sized using a generalised thermal performance
model (CSPI/MPI) instead of a detailed thermo-fluid analysis, which may not accu-
rately capture performance for all geometries. Similarly, the mass and volume of the
power PCB, housing, and other components were based on estimates and idealised
shapes, neglecting the detailed mechanical considerations of assembly, structural in-
tegrity, and manufacturability that would be required for a physical prototype.

• Idealised system and loss modelling. The simulation models for system perfor-
mance included several idealisations. Key factors such as semiconductor dead time,
the effect of gate driver resistance, and the need for active neutral-point balancing
circuits for the NPC and ANPC topologies were not included in the loss calculations.
These factors would introduce additional losses and affect the output waveform in a
practical implementation, slightly reducing the reported efficiency figures.

5.3 Recommendations for Future Work

The findings and limitations of this thesis point to several promising avenues for future
research that can build upon the established framework:

• Advanced modulation schemes for interleaved topologies. This study used
a simplified modulation strategy for interleaved inverters. A critical next step is to
implement and evaluate more advanced schemes, such as true SVM. This would likely
reduce the circulating currents and significantly improve the THD of the interleaved
topologies, potentially making the 2LI VSI competitive with 3L inverters and provid-
ing a more definitive assessment of its viability. This also holds for the conventional
inverters, as there are other PWM techniques that can reduce CM voltage, efficiency
or THD [5].

• Hybrid time-frequency domain EMI simulation. To overcome the trade-off
between accuracy and simulation speed, future work should focus on developing a
hybrid EMI modelling approach. This would involve using time-domain simulations
to accurately characterise the high-frequency noise sources generated by the switching
devices, and then applying this data to a frequency-domain model of the system.
Which can accurately predict the required filter sizing. This method would enable a
more accurate and computationally efficient EMC filter design.

• Motor loss model. Currently, the THD is used as an indicator for motor losses.
Having a motor loss model would allow for a direct quantification of how the inverter
impacts motor losses, providing a more complete view of the system-level trade-offs.
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• Expansion of the comparative framework. The developed framework can be
expanded to provide an even more comprehensive comparison. This includes inves-
tigating higher levels to see if the performance benefits continue to scale. As well
as additional types of inverters to identify additional well-performing VSI topolo-
gies. The evaluation performed with the framework should also comprise an analysis
across the operating range. Furthermore, the framework should be extended to in-
clude other critical aerospace performance metrics such as reliability, cost and fault
tolerance.

• Evaluation of alternative component technologies. This research focused
on SiC-MOSFETs, film capacitors and specific core materials (Edge and nanocrys-
talline). The framework could be used to evaluate the system-level impact of emerg-
ing component technologies. Where Gallium Nitride (GaN) devices can reduce
switching losses, their use is possible due to the lower required blocking voltage
of high level VSI. Investigating alternative magnetic core and capacitor technologies
might yield further reductions in the mass and volume of passive components and
possible different inverter trade-offs.

• Hardware prototyping and experimental validation. The ultimate validation
of this simulation-based research is the construction of a hardware prototype. Build-
ing and testing one of the Pareto-optimal designs can provide experimental data to
verify the accuracy of the efficiency, THD, EMI, and thermal models, confirming the
conclusions drawn in this thesis.

• Expand analytical modelling within the framework. This work’s frame-
work was limited by computationally intensive time-domain simulations for EMI
and losses. A key future step would be to develop and validate fast analytical models
to replace these simulation blocks. This would drastically reduce computation time,
enabling a far greater design space exploration (e.g., sweeping more components or
finer frequency steps) and offering more immediate feedback on design choices.
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Chapter 6

Conclusion

This thesis addressed the gap in VSI system-level evaluation for aerospace applications,
specifically focused on a 20 kW high-speed compressor system. It developed and applied a
system-level optimisation framework. Enabling the comparison to go beyond a theoretical
topology analysis and delivering a quantitative analysis of the real-world trade-offs between
efficiency, specific power, power density and THD. This was done to answer the four main
research questions, with the key findings summarised below.

1. Which measures need to be taken to have a fair comparative analysis of the
inverters? A fair comparison of VSI topologies is possible due to the development
of an automated, multi-stage design and optimisation framework. This framework
required three main principles. The first is that each inverter is treated as a complete
system. This means that the mass, volume and loss of all critical subsystems (e.g.
EMC filter, heatsink, housing) are included. Secondly, it requires that all designs
meet the same set of system specifications. This includes regulatory constraints
(DO-160G), operating requirements (e.g. 20 kW compressor) and design constraints
(e.g. maximum temperature, ripple). Lastly, it requires that the design process steps
and methods be the same for all designs.

2. How to select the most suitable component sizes for each inverter? This
thesis sets out a methodology for component selection, rather than a set of single
"best" components. The "most suitable" components are thus identified by the op-
timisation framework, which systematically sweeps the design choices. The selection
is based on analytical equations and simulations. A novel equation of the required
interphase inductance based on the maximum circulation inductance was used in this
framework.

3. What is the performance of each inverter for all key performance met-
rics? Figure 4.17 summarises each inverter performance across design complexity,
efficiency, THD, specific power and power density. Providing clear insights into the
strengths and weaknesses of each topology.

• 2L VSI. This topology is only competitive if high THD is acceptable. As its
voltage THD is high (76% on average), forcing a high switching frequency for a
low current THD, leading to a substantial efficiency penalty.

• 3L VSIs (T-type, ANPC, NPC). These offer the best balanced performance.
This is because they can generate smaller output voltage steps, resulting in a
lower voltage THD (39% on average). This enables much lower switching fre-
quencies, improving the efficiency. This gives them the best trade-off between
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the key metrics, where the T-type in particular shows the best overall perfor-
mance.

• Interleaved VSIs (2LI, 3LI). These topologies consistently underperform.
The significant extra mass, volume and loss that comes from the interphase
inductor outweigh the filtering benefits at a system level.

4. How can the most suitable inverter topology for an aerospace applica-
tion be selected? The ’most suitable’ inverter is not a fixed choice, but changes
with application priorities. This thesis demonstrates that the selection must be made
through a system-level, multi-objective trade-off analysis, for which the design frame-
work and tools (e.g., Pareto fronts and summary charts) were created.

While the optimisation framework enables a comprehensive analysis, its limitations,
detailed in section 5.2, must be considered. The performance of the interleaved topologies,
for instance, is underestimated due to the use of equivalent SVM instead of true SVM.
Similarly, the EMI models were simplified to achieve computational feasibility. These
limitations can be addressed with the recommendations outlined in section 5.3. These
include implementing more advanced modulation schemes to fairly compare interleaved
VSIs, developing a hybrid time-frequency domain EMI simulation to reduce the simulation
time, testing actual hardware to validate the results and expanding the framework to
incorporate motor losses, reliability and cost.

To conclude, this thesis addressed the critical gap in VSI system-level evaluation for
aerospace applications. While the results demonstrate that 3L VSIs offer a superior, well-
balanced performance for the aerospace high-speed compressor, the primary contribution
of this research is the design and optimisation framework that enabled this analysis. This
framework provides a robust and reproducible methodology that moves the field beyond
theoretical topology comparisons by delivering a quantitative analysis of system-level trade-
offs. It ultimately enables engineers to make quantitative design decisions that are directly
aligned with the application priorities.
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Appendix A

Circulation Current

Circulating current (Icir) is the undesired current that flows between the parallel-connected
inverter legs in interleaved VSIs. It is created due to a voltage difference between the legs,
where it does not contribute to the load current. Icir poses a significant challenge in the
design and operation of interleaved VSIs, impacting system efficiency, mass, volume and
saturating the interphase inductor core. This chapter presents an analytical derivation
of these currents based on the equivalent SVM technique established in chapter 2. The
resulting peak circulation current (Îcir) and RMS circulation current (Icir,RMS) expressions
are formulated as a function of the modulation index (m). To simplify the analysis and
create a theoretical baseline, this derivation makes a few assumptions. First of all, it
assumes ideal converter operation, neglecting non-idealities such as dead time, switching
delays, and component voltage drops. The ratio between the fundamental output frequency
(fac) and the switching frequency (fsw) is assumed to be infinite. Finally, the interleaving
angle is assumed to be 180◦.

A.1 Derivation of Circulation Current for Two-Level (2L)

A.1.1 Circulation Current in a 2LI VSI

α

β
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Figure A.1: 2L SVM diagram.
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Figure A.2: Timing and resulting circulation current of 2LI VSI at α = 20◦, m = 0.8 and
φ = 180◦.

In this section, the circulation current in a 2LI VSI using equivalent SVM is presented.
Figure A.1 shows the SVM diagram for a 2L configuration. Each of the corners of the
hexagon is a large vector (V1 to V6), and in the middle, there are two zero vectors (V0,
V7). The three-letter code states which switch is turned on per phase, p is used for the top
switch closed, and n is used for the bottom switch closed. The reference vector Vref rotates
with the modulated frequency through the diagram, where the two adjacent large vectors
and the zero vectors are used within a switching period to synthesise the desired reference
vector. The duty cycles of these vectors are calculated based on the instantaneous position
of the reference vector within the hexagonal space vector diagram and can be found as
[23]:

T0 =Tsw

(
1−

√
3

2
m cos

(
(2n− 1)π

6
− α

))
(A.1)

T1 =

√
3

2
mTsw sin

(nπ
3

− α
)

(A.2)

T2 =

√
3

2
mTsw sin

(
α− (n− 1)π

3

)
(A.3)

Tsw =T0 + T1 + T2 (A.4)

m =
Vref
1
2VDC

(A.5)

Here α is the angle (in radians) of the reference vector, n ∈ {1, 2, 3, 4, 5, 6} is the sector
in which the reference vector points, and m is the modulation index. T0 is the time per
switching cycle spent equally between the zero voltage vectors V0 and V7. T1 is the time
spent on the large voltage vector in the current sector with the smallest angle of α, and T2

is the time spent on the largest angle. For example, in sector 1, T1 is the time spent on V1

and T2 on V2.
In fig. A.2, a timing scheme and resulting circulation current are shown for a stationary

voltage vector in sector 1. At the top, the switching states are shown for both legs, along
with their application time. Below, the resulting circulation current waveform is shown.
For each phase, a difference in switching states results in a voltage over the interphase
inductor (for inv1|inv2: p|n → VDC, n|p → −VDC). In fig. A.2, it can be seen that for
phases a and c, the change in circulation current only occurs during T0, as otherwise the
voltage over the inductor is zero. Where it goes from 0A to the peak current (Îcir,2) in
1
4To. Thus, for these two phases at any point in the sector, the peak circulation current
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Table A.1: 2-level lookup table per sector for the peak circulation current equation, gov-
erning which phase.

sector (n) Phase Îcir,2 Phase Îcir,1
eq. (A.6) eq. (A.7)

1 a, c b
2 b, c a
3 a, b c
4 a, c b
5 b, c a
6 a, b c

can be calculated as:

Îcir,2(m,α) =
1

Lcir

∫ 1
4
T0

0
VDCdt =

VDC

Lcir

T0

4
. (A.6)

The peak current for phase b (Îcir,1) can be found from the time where the voltage over
the coupled inductor is VDC, which is 1

2T0 + min(T1, T2). Over this time, the circulation
current goes from peak to peak. Thus, the peak circulation current can be found as:

Îcir,1(m,α) =
VDC

Lcir

(
T0

4
+

1

2
min(T1, T2)

)
. (A.7)

This waveform is not unique to sector 1. The only difference between sectors is which
phase has the large peak amplitude (Îcir,1 of eq. (A.7)) and which two have the lower peak
amplitude (Îcir,2). table A.1 shows per sector which phase corresponds to which equation.
With this information, the maximum circulation current is known at any point in the SVM
diagram, assuming a near infinite ratio between fsw and fac.

A.1.2 Maximum Circulation Current in the 2LI VSI

The peak circulation current over the full range of α ∈ [0, 2π] can be found by investigating
only the first sector, as the waveform is symmetric per sector. First, the maximum of
Îcir,2(m,α) of eq. (A.6) is investigated. In sector 1, Îcir,2(m,α) is maximised for max(T0),
this occurs when cos

(
(2n−1)π

6 − α
)

is minimized. This in turn occurs at the boundaries

α = [0, π3 ], filling this into eq. (A.6) and substituting eq. (A.1) yields the maximum Îcir,2:

Îcir,2(m) =
VDCTsw

4Lcir
(1− 3

4
m). (A.8)

For m = 0 this phase circulation current maximum is maximised, equaling VDCTsw
4Lcir

, for
higher m it decreases until 0A for m = 4

3 .
Next the maximum value of Îcir,1(m,α) of eq. (A.7) is investigated. Îcir,1(m,α) is

maximised when min (T1, T2) is maximised, which occurs when T1 = T2 at α = π
6 . At that

angle this part of the equation: 1
4T0 +

1
2 min(T1, T2) simplifies into 1

4Tsw. Note that this
does not depend on the modulation index. Sustituting this maximisation into eq. (A.7)
yields the maximum Îcir,1:

Îcir,2L = Îcir,1 =
VDCTsw

4Lcir
(A.9)
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√
3 sin

(
π
3 − α

)]
Tsw

[
m
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3 sin(α)− 1
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Table A.2: Applying time of the voltage vectors in sector 1 [23].

Both eqs. (A.8) and (A.9) have the same maximum value across the complete modula-
tion index. However, eq. (A.8) decreases with modulation index, while eq. (A.9) remains
constant at the peak value. Thus, when considering the complete modulated cycle, the
maximum circulation current is equal to eq. (A.9), which is independent of modulation
index.

A.2 Derivation of Circulation Current for Three-Level (3L)

A.2.1 Circulation Current in a 3LI VSI

The circulation current can also be derived for a 3LI VSI, where the circulation current
is symmetric in all sectors. Furthermore, the circulation current is symmetric around the
middle of the sector, so that we only need to analyse α ∈ [0, π6 ]. In fig. A.3, the first sector
of a 3L SVM diagram is drawn, with the applying time per voltage vector indicated with
ta, tb and tc. table A.2 lists the application times for all four regions.

Regions 1 (R1) and 2 (R2) result in identical circulation current waveforms, for equal
applying times, as seen in fig. A.4. Which phase corresponds to which waveform is again
expressed in table A.1. For waveform (2), the peak circulation current can be found as:

Îcir,R1/2,(2) =
1

Lcir

∫ ta+tc
4

0

VDC

2
dt =

VDC

2Lcir
· ta + tc

4
(A.10)

For waveform (1), it has an identical peak circulating current as proven below:

Îcir,R1/2,(1) =
VDC

Lcir

(∫ max(ta,tc)−min(ta,tc)
4

0

1

2
dt+

∫ min(ta,tc)
4

0
dt

)
(A.11)

=
VDC

Lcir
· max(ta, tc) +min(ta, tc)

8
=

VDC

2Lcir
· ta + tc

4
(A.12)
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Figure A.4: States of the two inverter legs in sector 1, region 1 and 2 for fixed applying
times. With the resulting circulation current waveform.
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Figure A.5: States of the two inverter legs in sector 1, region 3 and 4 for fixed applying
times. With the resulting circulation current waveform.
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Regions 3 (R3) and 4 (R4) also result in the same waveform for equal applying times
as seen in fig. A.5. However, waveforms (1) and (2) have different peak values, and which
phase which waveform corresponds to is stated in table A.1. Using the timings stated in
fig. A.5, the peak circulation current for waveform (1) in region 3 or 4 (Îcir,R/4,(1)) can be
derived as:

Îcir,R3/4,(1)(m,α) =
VDC

2Lcir

(
1

4
ta +

1

2
min (tb, tc)

)
(A.13)

For waveform (2), the peak circulation current in region 3 or 4 can similarly be derived as:

Îcir,R3/4,(2)(m,α) =
VDC

2Lcir

(
1

4
ta

)
(A.14)

A.2.2 Maximum Circulation Current in 3LI VSI

For region 1 only, waveform (1) needs to be considered as it is always larger than waveform
(2) because the applying times are non-negative. The maximum circulation current in
region 1 (Îcir, R1/2(m)) occurs when α = π

6 , as then min(tb, tc) is maximised. Substituting
the equations from table A.2 into eq. (A.10) at α = π

6 yields the maximum of:

Îcir,R1/2

(
m,

π

6

)
=

VDCTsw

8Lcir
m
√
3 (A.15)

When m increases beyond 1√
3
, α = π

6 is no longer a valid value. If traversing the border
between R1 and R2, tb is zero and ta + tc = Tsw. So, a more general equation for R1 can
be derived as:

Îcir,R1/2(m) =
VDCTsw

8Lcir
min

(
1,m

√
3
)

(A.16)

For region 2, the time where ta + tc is maximised is along the borders of R1, R3 and R4.
Along the border of R1-R2, the peak circulation current value matches that of R1, given
by VDCTsw

8Lcir
. The border of R2-R3 and R2-R4 gives identical circulation current for a given

m. Hence, analysis is confined to the R2-R3 border, spanning from m = 2
3 , α = 0π until

m = 2√
3
, α = 1

6π. The α that corresponds to this border is given by:

αR2-R3(m) =
π

6

m− 2
3

2√
3
− 2

3

. (A.17)

The circulation current in R2 is expressed as

Icir,R2(m,α) =
VDCTsw

8Lcir

(
sin
(π
3
− α

)
+ 1−m

√
3 sin(α)

)
. (A.18)

Substituting αR2-R3(m) into the expression and simplifying yields the maximum circulating
current in R2:

Îcir,R2(m) =
VDCTsw

8Lcir
·


1, m ∈ [ 1√

3
, 23 ]

2−m
√
3 · cos

(
(m− 2

3
)π

√
3

4(3−
√
3)

− π
6

)
, m ∈ [23 ,

2√
3
]

(A.19)
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For regions 3 and 4, the resulting maximum circulation current is equal due to the sym-
metry. For R3 eq. (A.13) is always larger than eq. (A.14), where eq. (A.13) is maximimized
when tb = tc. These applying times from table A.2 are equal when:

sin(α)− sin
(π
3
− α

)
= − 1

m
√
3
. (A.20)

Solving this for α gives αmax, which is the angle at which the circulation current inside
R3 is maximised:

αmax(m) =
π

6
+ arcsin

(
− 1

2m
√
3

)
. (A.21)

Substituting αmax into the applying times (table A.2) and substituting that into eq. (A.13)
yields the maximum circulation current in R3 and R4:

Îcir,R3/4 =
VDCTsw

8Lcir
. (A.22)

From this, it can be noted that at αmax the peak circulation current is not dependent on
modulation index.

Equations (A.15), (A.19) and (A.22) give the maximum circulation current inside the
different regions of the SVM diagram. Where combining these equations, the maximum
circulation current inside the SVM diagram for m ∈ [0, 2√

3
] can be found as:

Îcir,3L(m) =
VDCTsw

8Lcir
min

(
m
√
3, 1
)

(A.23)

A.3 Verification of the Analytical Formulas

A.3.1 Waveform Verification

(a) (b)

Figure A.6: Simulated circulation current waveform for one modulated period, m = 0.8
and a constant ratio of Lcir = VDC

4fsw
. Where the vertical black line indicates the sector

boundary used by the PLECS block. (a) for fsw
fac

= 100. (b) fsw
fac

= 10.

Using the PLECS SVM blocks and phase-shifting one carrier by 180◦, an equivalent SVM
modulator is created. This drives an ideal interleaved H-bridge and NPC inverter with an
ideal coupled inductor, from which the circulation current waveforms are plotted in fig. A.6.
The preceding analysis assumed that fsw was significantly larger than fac, which holds for
fig. A.6a. For the 2L, the peak is in the middle of the sector with the amplitude equal
to the predicted value in eq. (A.9) without any error. For the 3L, the waveform follows
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the predicted maximum circulation current envelope closely, and the maximum values also
align with eq. (A.23) with an error less than 1%. When looking at the transitions between
regions, there is a small transient waveform that is not zero. This induces a minor error
for the 3L as the complete waveform in that sector is shifting up/down.

When decreasing the ratio to 10, as in fig. A.6b, the waveform maximum no longer
follows the predicted envelope. This is because for 1 sector, there is only time for 10

6 ≈ 1.66
waveform. This can also be seen by the sector boundary used by the PLECS block, where
they now no longer align with the real sector borders at intervals of 60◦. As in the PLECS
block, timing is discretised to the switching period, and only an integer number of switching
cycles can be applied per sector. Thus, leaving some sectors with 2 states and some only
with 1. This creates a waveform that is no longer well-defined by the previously created
framework. The 2L Îcir still has the same maximum peak as defined in eq. (A.9), without
error. The 3L Îcir at this modulation index is now overpredicted by eq. (A.23), by 15%.

A.3.2 Peak Circulation Current Verification

Figure A.7: The peak simulated circulation current vs integer ratios of fsw
fac

, where the ratio
Lcir =

VDC
4fsw

is constant and the maximum is in the full range of m ∈ [0, 2√
3
].

The assumption that the ratio fsw
fac

= ∞ is unachievable for a real application, so fig. A.7
shows the Îcir for different ratios. From this, it can be seen that the 2L has the exact level
predicted (1A) by eq. (A.9) for any ratio. Thus eq. (A.9) is also a good prediction of Îcir
for all ratios. For the 3L, a deviation can be seen from the expected value (0.5A), where
the error envelope decreases with an increase in the ratio (for the reason see section A.3.1).
It does not go below the calculated maximum, where for some higher ratios starting at 15
and then continuing in steps of 6, it is equal to the maximum calculated by eq. (A.23). In
this thesis, the lowest ratio used is 12 and for ratios of 12 and higher, the maximum error
is 18% if only an integer ratio is used. Note that if non-integer ratio’s are used this error
can increase to 75% for ratio’s larger than 12. Where then the main error is at ratio’s near
15 + 6N, where the integer ratio has no error.

In fig. A.8 Îcir is plotted for different ratios of fsw
fac

against m. It can be seen that at
a ratio of 10, the 2L follows the prediction of eq. (A.9) without error. The 3L Îcir follows
the prediction of eq. (A.23) for the ratio fsw

fac
= 1000. As shown in the previous plot, the

3L deviates from the calculated maximum when decreasing this ratio. It does follow the
general trend of first increasing until m = 1√

3
and then having a plateau. The plateau

region has the largest error, both positive and negative. For a ratio of 10, an undershoot
occurs at higher m because, to reach the maximum in region 3 or 4, a very specific angle
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needs to be reached. When going quickly through the region, this specific angle is skipped,
and the maximum is not reached.

Figure A.8: Peak simulated circulation current, for different fsw
fac

ratios, while keeping
Lcir =

VDC
4fsw

constant.
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Appendix B

Simulation Setup

In the optimisation framework, several simulations are run to estimate component sizes
and evaluate performance. This chapter explains the simulation techniques used for noise
(DM and CM), efficiency, and THD.

B.1 DM Noise Simulation

"High frequency parasitic elements of the drive system, including the stray capacitor within
the motor winding or between two conductors, the nonlinear capacitance of switching
devices, the stray inductance of the DM link capacitor, busbar impedance and reverse
recovery current of diodes all contribute to DM EMI emission generation during switching
transients" [22]. There are several approaches to simulate DM noise in power converters
[22]. One classical option is the frequency-domain modelling method [24], which uses
equivalent circuits to represent DM noise sources and propagation paths in inverter-fed
drives. More generally, simulation strategies include behavioural black-box modelling, such
as the Thevenin Equivalent Frequency Source Model (TEFSM) [25], Modular Terminal
Behavioral (MTB) models [26], and General Terminal Modeling (GTM) [27], which simplify
converters into equivalent sources and impedances for fast EMI prediction. Another route
is time-domain switching simulations, where the inverter operation is modelled directly,
and a current spectrum analyser can be imitated to get the DM noise spectrum [28] [22].

B.1.1 Time Domain DM Modelling Approach

In this work, the time-domain approach was selected because 2L, multilevel and inter-
leaved DM noise models are not well compared. Thus, the time-domain approach gives
a straightforward and fair way of studying how different inverter configurations influence
DM noise generation and propagation.

This method, however, has clear limitations. The small time steps needed to capture
high-frequency conducted emissions make the simulations slow. In PLECS there are fur-
ther restrictions: not all transients are represented, the stray inductance of the DC-link
capacitor cannot be included due to state-space discontinuity issues, and adding all para-
sitics quickly increases the simulation time to a level where parametric sweeps are no longer
feasible. Similar drawbacks of detailed time-domain modelling are also pointed out in the
literature [22], where it is shown that although this approach is accurate, it becomes slow
and computationally heavy when too many parasitics are added.

To deal with this, the DM model was simplified so that the main mechanisms of EMI
generation are still captured while the simulations remain manageable. The model used
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Figure B.1: PLECS simulation schematic for the 2L VSI, where the current after the
voltage source and voltage over the DC-link capacitor are exported to MATLAB.

here includes the LISN, EMC filter, DC-link capacitor with ESR, power switches, equivalent
interphase parasitic capacitance, and a simplified motor model. In this way, simplified
lumped models can still provide useful EMI information at much lower computational
cost, especially when the goal is not to calculate exact filter values but to get an indication
of the required parameters and how they change with different design choices. The PLECS
simulation schematic is shown in fig. B.1 for the 2L VSI configuration, and the equivalent
DM filter circuit can be seen in fig. C.2. Some parasitics that are thus neglected, such as
the DC-link capacitor equivalent inductance, MOSFET drain source capacitance and cable
inductance. The shown parasitic capacitance is a lumped capacitance containing:

Cparasitic = Cboard + Cg1 + Ci + Cc/4 + Cs/2 (B.1)

Where Cboard is the interphase capacitance of the PCB, Cg1 is the motor input capacitance
as defined in [29], Ci is cable-to-cable capacitance, Cc is the cable to shield capacitance
and Cs is the sum of the source-to-ground capacitance of the MOSFETs whose source is
connected to the phase output.

However, the simulation time was too limited when using the parasitic capacitors,
so these were set to zero. To see the impact of this assumption, the spectrums with
and without the parasitic capacitors are modelled in section B.1.3. The values used for
this verification simulation are based loosely on the data from [21] and are presented in
table B.1.

The PLECS model works by inputting a constant modulation index and letting the
inverter settle for 0.01 s and then measuring the input current and capacitor voltage for
6 cycles of the modulated frequency. In MATLAB, these time domain signals are post-
processed to produce the peak-to-peak voltage ripple, peak-to-peak current ripple and the
current spectrum. The PLECS simulation can be started with MATLAB code, so a sweep
of filter component values and modulation indices can be performed.
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Table B.1: List of CM and DM parasitic components, based on the value of [21].

Component Symbol Value
Cathode/source-to-ground capacitance Cdevice 93 pF
Phase-to-phase PCB capacitance Cboard 400 pF
Per-phase PCB to ground capacitance Ce 20 pF
Per-phase cable-to-cable capacitance Ci 20 pF
Per-phase cable-to-shield capacitance Cc 135 pF
Per phase motor input to ground capacitance Cg1 240 pF
Per phase motor midpoint to ground capacitance Cg2 120 pF
Per-phase cable inductance Lc 2 µH
Shield inductance Lshield 1 µH

B.1.2 From Time Signal to Current Spectrum

Starting from the simulated DC-link current iDC(t), the algorithm produces a 1 kHz reso-
lution–bandwidth (RBW) spectrum in dBµA through six successive operations.

First, the transient interval t < tsettle is discarded and the remaining waveform is
uniformly re-sampled at fs for a measurement window of length tmeas, giving N = ⌊fstmeas⌉
samples i[n] (n = 0, . . . , N−1); this ensures evenly spaced data required by the fast Fourier
transform (FFT).

Second, the DC component is removed (via MATLAB detrend) to eliminate the
large zero-frequency bin that would otherwise dominate the low-frequency spectrum and
obscure the conducted-emission harmonics. A Hann window w[n] (MATLAB hann) is
then applied to mitigate spectral leakage; the Hann window is chosen because it offers a
good compromise between main-lobe width and side-lobe suppression, making it suitable
for general-purpose spectral analysis where both frequency resolution and dynamic range
matter.

Third, we select the FFT length NFFT so that the frequency-bin spacing satisfies

∆f =
fs

NFFT
≤ RBW

10
= 100Hz. (B.2)

Ten bins per RBW are used to ensure that the subsequent integration over 1 kHz accurately
emulates a spectrum analyser’s intermediate-frequency (IF) filter without discretisation
artefacts or loss of narrow spectral lines.

Fourth, we compute the windowed FFT with zero-padding to NFFT and obtain a
one-sided power spectral density (PSD) S

(1)
ii [k] in A2/Hz at frequencies fk = k∆f us-

ing standard MATLAB periodogram steps (window power normalization and one-sided
scaling).

Fifth, to emulate the compliance receiver’s 1 kHz rectangular IF filter, we integrate
K = round(RBW/∆f) ≈ 10 adjacent PSD bins via convolution with a rectangular kernel
and scale by ∆f to convert spectral density (A2/Hz) into mean-square current (A2) within
each 1 kHz cell. This step is essential because DO-160 limits are defined for the integrated
power over a finite resolution bandwidth, not for per-hertz density. The result is PRBW[k]
in A2.

Sixth, we convert to root-mean-square (RMS) current and then to logarithmic units
as required by RTCA DO-160G:

IRBW[k] =
√

PRBW[k], IdBµA[k] = 20 log10

(
IRBW[k]

1 µA

)
. (B.3)
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We then restrict the analysis to the DO-160 conducted-emission band flo = 150 kHz to
fhi = 152MHz (and fk ≤ feval,max). The limit line of the DO-160 is compared linearly at
each frequency bins {fk}, and the margin is calculated as:

M(fk) = IdBµA[k]− L(fk). (B.4)

A positive margin indicates emissions above the limit. The worst-case margin Mworst =
maxk M(fk) and its frequency fworst summarise whether the design meets, equals, or ex-
ceeds the DO-160G conducted-emission mask. This is used to guide the filter-design opti-
misation, requiring a minimum of 6 dB margin for a filter to pass.

B.1.3 DM Noise Simulation Spectrums

(a) (b)

Figure B.2: The simulated DM spectrum for a 2L VSI at fsw = 36 kHz, no parallel devices
and no parasitics. (a) No filter, (b) the optimised DM filter.

In fig. B.2a, the DM current spectrum is shown for a 2L VSI with no DM filter (also no
DC-link capacitor), but including the line impedance stabilization network (LISN). The
LISNs connected to each line will already form a low-pass filter with a cut-off frequency of:
fc =

1

2π
√
5·10−6·0.1·10−6

≈ 225 kHz. The spectrum shows that damping is required to push
it below the limit line. Using the filter design of the optimisation procedure of section C.3,
the spectrum was attenuated, as shown in fig. B.2b. The spectrum now falls under the
limit line, where the margin is the lowest near the start of the limit line. Since the −6 dB
limit was not the only design criterion, the spectrum is below the limit line. The steep
decrease stops around 400 kHz due to the current spectrum emulator setup. This is just
the noise floor and not the real spectrum.

The spectra of fig. B.2 were created without the parasitic capacitance. In fig. B.3,
the MOSFET output capacitance Coss, parasitic phase-to-phase capacitance Cparasitic are
included. Comparing the unfiltered spectrums, it can be seen that the one with parasitics
has a steeper attenuation. This did not result in the filtered response having more at-
tenuation, as the margin to the limit line is similar. This goes against the experimentally
verified model of [21], which predicted that adding more Cparasitic results in more DM noise.
Specifically for adding more ground-source capacitance (Cs) (e.g. adding more MOSFETs
in parallel), it predicts the noise will increase in accordance with eq. (B.5). So this model
does not correctly capture the influence of the parasitics.

∆HdB, DM(Cs) ≈ 20 log10

(
Cs + Cparasitic

Cparasitic

)
. (B.5)
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(a) (b)

Figure B.3: The simulated DM spectrum for a 2L VSI at fsw = 36 kHz, no parallel devices
and with Cparasitic. (a) No filter, (b) the optimised DM filter.

B.2 CM Noise Simulation

For the CM analysis, the model proposed by L. Ran et al. [30] was used, where the
expansion of the model for multilevel and interleaved inverters was used from [31]. This
model includes the dominant parasitic capacitances that define the CM current paths in
inverter-fed motor drives, such as the capacitance between the motor winding and the
frame, between the power module baseplate and the heatsink, and between the cables
and ground. These elements are the main contributors to CM noise propagation in such
systems [30].

Other modelling approaches for CM noise have been discussed in [22]. Behavioural
models, such as the modular terminal behavioural (MTB) models [26], and general termi-
nal modelling (GTM) [27], simplify the converter into equivalent sources and impedances.
They are straightforward to implement and computationally efficient, but require parame-
ter extraction from measurements and provide little information about the internal gener-
ation mechanisms. This makes them impractical for this investigation. Detailed physics-
based models aim to include all parasitic elements and switching dynamics, offering high
accuracy and flexibility, but at the cost of significantly increased complexity and simulation
time [22]. Frequency-domain approaches, such as those described in [30] and [31], model
the converter and its parasitics using equivalent circuits, allowing fast prediction of CM
emissions when the noise sources and propagation paths are well understood.

B.2.1 Time Domain CM Noise Modelling Approach

The model of [31] was chosen here because it captures the main physical mechanisms of
CM current flow and can easily be adopted for the different inverter types used. This
approach models the inverter as an equivalent CM circuit driven by one or more equivalent
voltage sources. For a standard 2L VSI, the circuit is simplified to a single CM voltage
source (VCM(t)) that represents the creation of the CM noise. This noise flows through the
stray CM equivalent capacitances connected to the VSI input and output.

The benefit of this model is that it can easily be adopted to multilevel and interleaved
topologies by defining floating nodes. In Figure 2.1, these have been stated as Vi,h,k, repre-
senting any node not directly connected to the phase output. These nodes also encounter
high dv/dt and are coupled via stray capacitances to the ground, also creating CM noise.
The model of [31] accounts for this by introducing an additional voltage source (VCM-s)
that accounts for the contributions of these noise sources.

Figure B.4 shows the CM equivalent circuit, where the simplified CM filter can be
found in fig. C.3. To the output of VCM, the CM equivalent phase-to-ground circuit is
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Figure B.4: CM equivalent simulation schematic for all VSIs.

shown. The component values and physical meaning can be found in table B.1. Besides
those constant parasitic components, there are also some components that change with the
inverter type and the number of parallel devices. Cs is the sum of all the cathode/source-
to-ground capacitances (Cdevice) connected to any phase output. Cpar,i is the sum of all
the cathode/source-to-ground capacitances connected to the DC-link. Cpar,s is the sum of
all the floating cathode/source-to-ground capacitances.

The Common-Mode Voltage

The common-mode (CM) voltage, VCM, can be expressed directly in terms of the three
phase-to-ground voltages Vi, where i = a, b, c. Under balanced conditions, Kirchhoff’s
current law enforces ia + ib + ic = 0, leading to the well-known expression [15]:

VCM(t) =
1

3

(
Va(t) + Vb(t) + Vc(t)

)
. (B.6)

This relation is universal: it holds for 2L, interleaved, and multilevel inverter topologies.
The differences lie only in how the phase voltages are synthesised from the internal node
voltages of the converter. For a 2L leg, each phase only has one node directly connected
to the phase output, which leads to the standard expression of eq. (B.6).

In interleaved topologies, each phase consists of Nlegs parallel inverter legs. There are
Nlegs voltage levels per phase output. The inverter leg voltage is now denoted as follows:
Vi,h, where i denotes the phase and h the leg. The CM voltage is still the average of the
phase output voltages, so [31]:

VCM(t) =
1

3Nlegs

∑
i=a,b,c

Nlegs∑
h=1

Vi,h(t). (B.7)

For the 2L VSI, all MOSFETs were connected at one side to the DC-link and the
other side to the phase outputs. However, in multilevel converters, the MOSFETs are not
per se connected to the DC-link and phase output. They can also be connected to an
intermediate point (e.g., clamped junctions in NPC or the back-to-back MOSFET middle
points for T-type). These nodes couple to ground through stray capacitances and thus act
as supplementary CM voltage sources. Therefore, the total CM excitation of a multilevel
inverter is the superposition of:

1. The averaged phase output voltage VCM(t), given in eq. (B.6)

2. The supplementary averaged floating nodes voltage VCM-s(t)
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The voltages at the nodes can be expressed as Vi,h,k (as seen in fig. 2.1), where i denotes
the phase, h the leg and k the floating node. Note that the node connected to the phase
output is not part of k. The supplementary CM source can be written as the average of
all floating node voltages, [31]

VCM-s(t) =
1

3NlegsNnodes

∑
i=a,b,c

Nlegs∑
h=1

Nnodes∑
k=1

Vi,h,k(t). (B.8)

B.2.2 CM Noise Simulation Spectrums

(a) (b)

Figure B.5: The simulated CM spectrum for a 2L VSI at fsw = 36 kHz. (a) No filter, (b)
the optimised CM filter.

The simulated CM spectrum for the 2L VSI with and without the CM filter can be seen
in fig. B.5. For the case with no filter, it can be seen that the spectrum is above the
limit line for the complete frequency range. When implementing the proposed filter and
optimisation procedure of section C.4, the spectrum decreases below the limit line by
more than 6 dB for the complete range. The peaks nearest the start of the limit line
have the smallest margin. This is true for all other spectra, where, when changing the
switching frequency, the location of the peaks changes, which causes a small fluctuation in
the required attenuation. This can both increase and decrease the needed attenuation.

The chosen current spectrum emulator does not have a higher resolution bandwidth
after 30MHz. Including this increases the amplitude of the peaks after this frequency.
It is not implemented due to the large margin, making it unlikely that there is a peak
reaching the limit line. Thus, it was omitted to reduce simulation complexity while not
compromising the accuracy.

B.3 Efficiency and Loss Simulation

The losses in the inverter are evaluated using PLECS, as this enables the use of the exact
MOSFET models. The model is the same as for the DM noise simulation, seen in fig. B.1.
To have a reproducible result, it is important to simulate for equal temperatures. Therefore,
all thermal resistances are set to zero and all temperatures are forced to be 100 ◦C. The
inverter output power is controlled with a PID loop, where it takes the output power as
the input, compares this to the reference output power and outputs the modulation index.
If needed, the output power setpoint can be swept slowly to do a loss sweep. The loss
simulation measures these main loss components:
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• Input filter: the main losses in the input filter are in the ESR of the CM and
DC inductors. To increase the simulation speed, the negligible components can be
removed, so the CM capacitors with their damping are removed.

• DC-link capacitor: has a small loss in its ESR.

• Inverter legs: the main losses in the inverter legs are in the MOSFETs and diodes.
For this, the exact models can be used in PLECS. Where PLECS has a built-in
conduction and switching loss calculator.

• Interphase inductor: the main losses are the resistive and core losses. The resistive
losses are directly found by the power loss in the ESR, but the skin effect losses
are neglected. The core losses are found by exporting the simulated time domain
circulation current is Icir(t) =

1
2 (Ileg,1(t)− Ileg,2(t)). Assuming a linear core and no

saturation, then the magnetic flux density (B) in the core can be calculated as [15]:

B(t) =
Nµ0µrIcir(t)

Le
(B.9)

From this time domain magnetic flux density, the core loss can be found directly
using the generalised Steinmetz (iGSE) equation. Where this thesis instead uses the
classical Steinmetz equation due to easier implementation using [15]. It uses the peak
magnetic flux Bpk (sometimes called Bac), which is half of the flux swing. As the
time domain has many flux swings, the Bpk is calculated for each swing. From which
the power loss per unit volume (Pv) is calculated, and that is averaged over time for
all swings. Below the equation for Pv is given [15],

Pv = aBb
pkf

c (B.10)

Here, a, b, c are the Steinmetz parameters found in the datasheet of the cores, and f is
the per-segment frequency of the swing. Using the core volume data and multiplying
this by the number of cores, we find the total core loss as Pcore = Pv(Ve · #cores)
[15].

The simulation is run for every design, as part of the design process, see fig. 3.1. The
simulation is run for 0.5 s and the data from the last 0.1 s is used and averaged for all loss
components.

This simulation has some key simplifications that influence the loss results. The first
is that no dead time is used, which would increase the switching losses [15]. Omitting
the ground-source capacitance underestimates the switching losses [21]. No cable, trace,
or busbar resistance was included, underestimating the resistive losses. Lastly, power
consumption by the auxiliary circuits (safety, logic, neutral-point balancing, and drivers)
is not included.

B.3.1 THD

During the power loss simulation, the phase current and voltage waveforms are also cap-
tured. These waveforms are then post-processed to calculate the THD relative to the
modulated frequency.
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Appendix C

Design Methodology and
Optimization Framework

To compare inverter topologies in a fair and transparent way, a systematic design process
is required. This process must ensure that every inverter meets the same requirements
and that design trade-offs are evaluated on an equal basis. For this purpose, a structured
multi-stage design framework is applied. The framework standardises the procedure by
dividing it into clear stages: DM filter, CM filter, interphase inductor, power stage PCB,
heatsink, and housing. Each stage is parameterised so that component sizing and selection
follow consistent criteria and regulatory constraints. In this way, the resulting inverter
designs can be compared objectively in terms of performance, weight, and volume.

C.1 MOSFET and Diode Selection

C.1.1 MOSFET

The MOSFET selection has a large influence on the efficiency performance of the VSI. The
topologies have MOSFETs with different blocking voltages. The performance of MOSFETs
increases when the blocking voltage requirement is reduced. Thus, it is chosen to use
different MOSFETs for the two blocking voltage requirements of 1200V and 650V.

In [11], the device FOM of different MOSFET types is compared along with their ex-
tended FOM when applied in different VSIs. From their FOM plot, it can be seen that
for 1200V blocking voltage, SiC MOSFETs are the only option. For the 650V blocking
voltage, multiple technologies are available, where GaN only has a marginally better FOM
than SiC. To isolate the performance gains from the topology change and prevent varia-
tions from different semiconductor technologies or manufacturers, it is chosen to use SiC
MOSFETs from a single manufacturer (Wolfspeed) for both voltage levels.

The catalogue of Wolfspeed was surveyed, and the C3M0016120K and C3M0015065K
were selected for the 1200V and 650V blocking voltage, respectively. These were selected
as they offered the lowest on-resistance for their respective blocking voltage. These feature
Kelvin source connections, which reduce the current dependence of the switching losses
[11] compared to standard 3-pin MOSFETs. A Kelvin source pin is a second pin connected
to the source of the MOSFET, which is dedicated to the gate driver.

C.1.2 Diode

The clamping diodes in the NPC topology are a critical component influencing VSI effi-
ciency. Standard p-n diodes were avoided due to their significant reverse recovery charge.
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Figure C.1: EMC input filter, with the different damping components coloured.

During switching, this charge is pulled through the main MOSFETs as they turn on, cre-
ating a large current spike that dramatically increases their turn-on switching losses. SiC
Schottky diodes, which have a very small Qrr, were selected to eliminate this loss mech-
anism. The catalogue of Wolfspeed was surveyed, and the E3D30065D was selected. It
can handle the current peaks and offers the required 650V blocking voltage.

C.2 Filter Design

To meet the EMC conducted emissions regulations, the inverter requires an input filter.
The required attenuation depends on factors such as inverter topology, switching frequency,
and parasitic elements. To allow fair comparison across inverter types, each design must
include a filter tuned to provide an equivalent level of compliance.

Because it is very challenging to accurately simulate DM and CM noise simultaneously,
the design problem is separated into the DM and CM filter design. The CM filter design
uses the DM filter results for the design process. The CM and DM spectra are each required
to lie at least 6 dB below the limit lines. This margin accounts for the possibility that the
two components could add coherently in measurement, even though in practice they are
often partially uncorrelated.

"In a three-phase motor drive, the switched system is not symmetric with respect to
the input power mains (or LISN) during the switching transitions. This leads to mixed-
mode EMI emissions" [22]. Thus, while splitting it into CM and DM noise provides a
structured design method, it does not fully capture mixed-mode emissions. Furthermore,
not all parasitic components are included in the models, which reduces the accuracy of the
models. This means the filter design is not the exact value for a prototype, but a consistent
framework across inverter types to assess trends and design trade-offs.

The implemented filter, shown in fig. C.1, consists of a two-stage CM section cascaded
with a single DM stage. Both stages also influence the opposite noise type, providing
additional cross-attenuation. A two-stage CM configuration was selected because, under
the given design constraints, it consistently provides lower mass than a one-stage solution.
Damping networks are included to limit resonance peaks and to mitigate excessive DC-link
capacitor currents during susceptibility tests [32].
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Figure C.2: DM equivalent filter, with the different damping components coloured.

C.3 DM Filter Stage

The DM filter has two main tasks: limit the current and voltage ripple at the DC-link,
and filter the DM noise below the conducted emissions limit line. The DM filter equivalent
circuit of fig. C.1 can be seen in fig. C.2. From this, it can be seen that it is equivalently a
seventh-order filter, where the leakage inductance of the CM choke (LDM) is used as part
of the DM filter. This leaves the design of the DM capacitors (CDM), DC-link inductor
(LDC), DC-link capacitor (CDC) and their corresponding damping circuits. In this section,
how to design these components is presented.

C.3.1 DM Filter Component Selection

Before deriving the electrical values of the components, a framework must be established
for how each component is physically realised. Where the focus is on the selection of
the materials (e.g., core and dielectric types) and the physical design considerations (e.g.,
wire gauge and core geometry) needed to create a component of a given inductance or
capacitance. To estimate the weight, volume and electrical properties of any potential
filter design.

Inductor Selection (LDC and Ldamp,DC)

The design of the DC-link inductor (LDC) is primarily driven by the need to handle the
full DC current without saturating. This section outlines the selection of materials and
the physical design process for realising an inductor, once its required inductance value is
known. It needs to do this under the full DC-current, temperature range and for the worst
specified tolerance. The maximum current for our system specifications (see table 2.1) is,

ÎDC =
Pout

ηminVin,min
=

20000

0.98 · 470
≈ 43.4A. (C.1)

This current will saturate most (ungapped) high-permeability cores, so powder cores are
used in this work. There are many types of powder cores, but for this thesis, Edge cores
of Magnetics are used. The benefit of Edge is that it has a high DC bias tolerance, low
core losses, is size efficient, has a usable frequency of 20MHz, ±1% across the temperature
range, has high saturation flux and light if used at high currents [33].

There are multiple shapes in which the inductor can be made, but an E-core is used
as it provides shielding from the generated field and is easier to cool. The wire wound
inside the core must be able to carry 43.4A, so 8AWG was used. This was based on the
recommendation of the manufacturer of [34]:

wire size = −4.31 ln

(
1.889 · ÎDC

Cd

)
= −4.31 ln

(
1.889 · 43.4

500

)
≈ 8AWG ≈ 8.37mm2.
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(C.2)

Where Cd is the current density in A/cm2, where 800A/cm2 is aggressive and 400A/cm2

is conservative [34]. A current density in between these two bounds of 500A/cm2 is chosen,
which results in a wire thickness of 8AWG. For the design, the lightest possible design
was selected for each inductance value, taking into account a maximum winding factor of
80%. 13 different DC inductors have been designed in the range from 0.6µH to 155µH.

For the damping inductor (Ldamp,DC), a stock inductor can be used due to the low
current rating. Where the exact maximum is dependent on the ratio of the ESR of the
main DC-link inductor and the DC damping resistor (Rdamp,DC), but it is assumed to be
at most 1A. For this, most stock inductors in the inductance range of interest can achieve
close mass and volumes. So a volume of 1 cm3 and a weight of 2.5 g is used regardless of
the Ldamp,DC value.

Capacitor Selection (CDM and CDC)

The capacitor must operate over a wide range of temperatures, where the operating tem-
perature affects the capacitance and dissipation factor. Therefore, it is chosen to work
with polypropylene film capacitors, specifically the "MKP1848C" series from Vishay [35].
This specific type has a capacitance increase for low temperature by up to 3% of the room
temperature value and a decrease for high temperature of −5%. This can be used for all
capacitors present in the DM equivalent filter. Where the DC-link capacitor is split into
two series capacitors for the 3L converters. The inverter can see at most 884V at the DC
bus [6], so a blocking voltage of 1000V is required and 600V for the two series capacitors
of the 3L converters.

The design requires a smooth and unbiased capacitance in increments of 1 µF. For this,
a linear model is used to estimate capacitor mass and volume. This approach avoids the
performance discontinuities and skewed results that would arise from selecting specific, dis-
crete components from the "MKP1848C" catalogue. Based on an analysis of the catalogue
data, the model uses the following specific mass and volume approximations per voltage
class:

• 1000 V rating: 3 g/µF and 3.1 cm3/µF.

• 600 V rating: 2 g/µF and 2.0 cm3/µF.

Since the DC-link of the 3L VSIs is composed of two series capacitors, achieving an equiv-
alent capacitance of CDC requires two capacitors of 2CDC each. Therefore, the total mass
and volume contribution of the DC-link capacitor bank is calculated using four times the
specific values of the 600V units. CDM is designed in the range of 1-6 µF, these discrete
values are available in the 1000V catalogue so will directly be used.

The required CDC value is determined by five requirements:

1. DM current spectrum at the inverter DC input: should be below the DO-
160G limit lines [6], with a margin of at least 6dB. The current spectrum is not
maximised for all inverter types at a specific modulation index, so it needs to have a
6 dB margin for the full operating range.

2. Maximum peak-to-peak voltage ripple over the DC-link capacitor: is lim-
ited to ensure stable inverter modulation and prevent output voltage distortion. It
is a system specification which is not directly limited by the regulations. For this
thesis, the peak-to-peak voltage ripple across the DC-link must not exceed 1% of the
nominal DC voltage (5.4V).
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3. Maximum peak-to-peak current ripple: is limited in the DO-160G to 7% of
the maximum DC input current, e.g. 0.07ÎDC ≈ 2.86A. As this is a hard limit, it
should include a SF (see table 2.1), thus it should be limited to: Ipp,DC ≤ 0.07

SF ÎDC =
0.07
1.7 · 43.4 = 1.8A.

4. Energy buffer: the DC-link capacitor must act as a local energy source, capable of
supplying transient load power steps (P req

step) with a maximum voltage drop (∆V req
DC )

for the step period (Tstep). Dependent on the step shape, it can be found as [36]:

CDC ≥


∆P req

stepTstep

2VDC∆V req
DC

, triangular response
∆P req

stepTstep

VDC∆V req
DC

, step response
(C.3)

5. Regenerative energy absorption: during events such as regenerative braking of the
motor, CDC must be sized to absorb regenerative energy from the motor during
braking events without exceeding the maximum voltage rise limits stipulated by
DO-160G [6].

The optimisation procedure will find the minimum CDC value that simultaneously sat-
isfies the three primary constraints: DM noise attenuation, DC-link voltage ripple, and
DC-link current ripple. While energy buffering and regenerative energy absorption are
critical functions of a DC-link capacitor in a complete drive system, they are considered
outside the scope of this comparative analysis. This is because their sizing is highly depen-
dent on application-specific parameters, such as motor inertia and transient load profiles,
which are not defined in this generalised study. By focusing on the three requirements
that are highly dependent on the inverter design, the framework ensures a fair comparison
based on the intrinsic performance of the topologies themselves.

Resistors Selection (Rdamp)

For the damping networks, standard surface-mounted device (SMD) resistors are used.
Since the mass and volume of SMD resistors are primarily determined by their package
size rather than their resistance value, a constant mass of 2.5 g and volume of 1 cm3 are
assumed for each resistor in the optimisation framework. The final selected resistance value
for the SMD component accounts for the ESR of the corresponding inductor or capacitor
to achieve the total required damping resistance. This also holds for the damping resistors
of the CM filter.

C.3.2 Optimised Damping of the DM filter

Damping is crucial for several reasons: it suppresses resonances, prevents destabilisation
of feedback loops, and avoids excessive capacitor currents during conducted susceptibility
tests [32]. In the DM filter equivalent circuit of fig. C.2, the DM damping circuits (orange)
and the DC-link damping circuits (green) are visible. An RL parallel damping (green)
circuit is chosen for the DC-link stage, as an RC damping parallel with CDC would require
a large damping capacitor. This would be significantly larger than the RL damping, as
the inductor does not require a large current rating, so it can be a small stock inductor.
Parallel RL damping is not possible for the first two stages, as this would bypass the CM
choke in the CM equivalent circuit. So, an RC shunt damping is required. The design
can significantly increase the filter’s size and cost. Hence, the damping must be designed
efficiently, which can be done by following the approach of [32].
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RC Damping (orange):

The DM damping capacitor is chosen as Cdamp,DM = 1
2CDM, as this satisfies for all designs

the requirement of "Cdamp,DC should have an impedance magnitude that is sufficiently less
than Rdamp,DM at the filter resonant frequency" [32]. It offers a good trade-off between
damping versus capacitor size. From [32], it can be found that the optimum Q factor in
this case is:

Qopt =
Ropt

R0
=

√√√√(2 +
Cdamp,DM

CDM
)(4 + 3

Cdamp,DM
CDM

)

2(
Cdamp,DM

CDM
)2(4 +

Cdamp,DM
CDM

)
=

√
55

9
. (C.4)

Here R0 =
√

LDM/2
CDM

. When using the optimum damping Ropt for the Rdamp,DM this can
also be rewritten into:

Rdamp,DM = Ropt = R0

√
55

9
=

√
LDM

2CDM

√
55

9
. (C.5)

Thus the Rdamp,DM can be found directly from the values of LDM and CDM. The high-
frequency attenuation is not affected by the choice of Cdamp,DM [32].

RL Damping Networks (green):

The DC damping inductor is chosen as Ldamp,DC = 1
2LDC. This offers a good trade-

off between degradation of HF filter attenuation and damping. In [32], an optimisation
procedure is laid out to get the optimal ratio based on the maximum allowable output
impedance. However, it is chosen to keep the ratio constant to have the same degradation
of HF for all filter designs, which makes the comparison more fair. From [32], it can be
found that the optimum Q factor in this case is:

Qopt =
Ropt

R0
=

√√√√ Ldamp,DC
LDC

(3 + 4
Ldamp,DC

LDC
)(1 + 2

Ldamp,DC
LDC

)

2(1 + 4
Ldamp,DC

LDC
)

=

√
5

6
. (C.6)

Here R0 =
√

LDC/2
CDC

. When using the optimum damping Ropt for the Rdamp,DC this can
also be rewritten into:

Rdamp,DC = Ropt = R0

√
5

6
=

√
LDC

2CDC

√
5

6
. (C.7)

Thus the Rdamp,DC can be found directly from the values of LDC and CDC. This fil-
ter type degrades the high-frequency attenuation of the filter, where "the high-frequency
asymptote of the filter transfer function is increased from 1/ω2LDC

2 CDC to 1/ω2LDC//Ldamp,DC
2 CDC"

[32].

C.3.3 DM Filter Sizing Procedure

The DM filter design procedure seen in the blue box in fig. 3.1 is used to find the DM filter
components that minimise the mass and volume, while satisfying the requirements. It is
a multi-stage framework, where order is important. The DM filter results are required by
two other design blocks, so it is done first. The design procedure has system specifications
(see table 2.1) that are kept constant for all designs to ensure fair comparison and design
choices that can vary between designs. For the DM filter design the following design choices
can be made:
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• Inverter type: Are the eight VSI under investigation, where only one can be selected
per design.

• Number of parallel devices: Can be set for all active devices (including the
diodes), from no parallel devices to a maximum of 72 devices total. Where the
maximum number of parallel devices is different per inverter type.

• Minimum LDM: Is the minimum LDM that can result from the design of the DM
filter stage. This can be predicted, but a constant conservative minimum for our
design is 1 µH. As LCM is not smaller than 150µH for the created designs. Thus,
with a high coupling of 0.99 and taking some margin 1µH was set, and this is not
varied, although it could be done.

• Switching frequency (fsw): Can be set as any frequency. For this thesis, the
following values are considered: fsw = {24, 36, 48, 60, 72}kHz.

• List of LDC and CDC: are the components that can be considered for the DM filter
design as specified in section C.3.1. This range can be limited, for instance, if it is
known that a design requires more damping than a previous design, all smaller LDC
values compared to that design can be skipped.

The core of the DM filter design is a nested search algorithm, as illustrated in fig. 3.1.
The algorithm sweeps through every possible combination of LDC and CDM. This creates
a broad search space of passive filter configurations to be evaluated. For each pair, the
minimum CDC should be found that meets the design requirements listed in section C.3.1.
To do this, a binary search is used for the range of CDC ∈ [1, 500]µF. Where, if it passes
all the requirements, the value is decreased and otherwise increased. Until the CDC is
known with a resolution of 1 µF. If no value of CDC within the predefined range can meet
the requirements, the initial (LDC, CDM) combination is deemed invalid and is discarded
from the list of potential solutions. During this search, each tested value of CDC and
its corresponding damping network is simulated for multiple modulation indices (m =
{0.1, 0.4, 0.57735, 0.8, 1.0}), using the method set out in section B.1.

After the nested loops are complete, the algorithm has a list of all valid filter designs,
each defined by a unique set of LDC, CDM and CDC,min. The final step is to select the
single best design from this list. Each valid design’s total mass and volume are calculated
and then normalised against the minimums found across the entire sweep. A final score is
computed using the formula:

score = 2m̃+ Ṽ = 2
m

mmin
+

V

Vmin
. (C.8)

where m̃ and Ṽ are the normalized mass and volume, respectively. Mass is weighted twice
as heavily as volume, reflecting its higher priority in aerospace applications. The design
that achieves the lowest score is selected as the optimal DM filter for the given inverter
configuration.
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C.4 CM Filter Stage

Figure C.3: CM equivalent filter, with the different damping components coloured.

The CM filter needs to attenuate the CM noise generated by the VSI below the limit
line. The CM equivalent circuit of fig. C.1 can be seen in fig. C.3. From this, it can be
seen that it is a sixth-order filter where the DC inductor (LDC) with its damping is part
of the CM filter. For this reason, the CM filter design needs to be done after the DM
filter design. This leaves the design of the CM choke (LCM), CM capacitor (CCM) and
their corresponding damping circuits. In this section, how to design these components is
presented.

C.4.1 CM Filter Component Selection

As for the DM filter design, the physical CM components need to be pre-selected.

CM Choke Selection (LCM)

The CM choke is designed using toroidal nanocrystalline cores from Magnetics Inc. due
to their high permeability, which allows for high inductance with minimal size and mass.
A key advantage of the CM choke topology is the inherent cancellation of DC magnetic
flux, as the 43.4A load current flows through the two windings in opposite directions. This
prevents core saturation, meaning the physical design is driven primarily by achieving the
target inductance with the required 8AWG wire gauge (see eq. (C.2)).

To create a realistic component library, a MATLAB script was developed to find the
theoretical minimum-mass design for any required inductance by simulating all winding
configurations for every core in the manufacturer’s catalogue. The results of this process
are shown as the stepped curves in fig. C.4. To use this data within the continuous
optimisation framework, a conservative upper-bound linear model was fitted to the data.
This ensures that any component selected by the algorithm is guaranteed to be physically
realisable. The resulting linear approximations for the choke’s ESR, mass, and volume as
a function of its CM equivalent inductance (LCM in µH) are:

1. RESR,CM = 0.0010 · LCM + 0.2728 in mΩ.

2. mLcm = 0.1673 · LCM + 29.0042 in g.

3. VLcm = 0.000122 · LCM + 0.031624 in L.
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Figure C.4: Theoretical minimum weight CM choke designs with the corresponding resis-
tance, weight and volume. An upper bound linear line shows the used approximation.

CM Capacitor Selection (CCM)

For the CCM, a larger capacitance offers better filtering. However, the total value of line-
to-ground capacitance must be limited to CCM,max stated in table 2.1. This is primarily
due to safety considerations related to leakage currents. The capacitors create a path for a
small AC leakage current to flow to the equipment’s chassis, and excessive leakage current
can pose an electric shock hazard [19].

Although DO-160G does not specify a direct limit on CM capacitance for aerospace
applications, the principle of limiting leakage current remains critical. For this framework,
an upper bound of 180 nF is set for the total CM capacitance. This value is distributed
across the 6 CM and damping capacitors with the ratio CCM = 2Cdamp,CM, i.e. CCM =
20nF and Cdamp,CM = 10nF. SMD ceramic capacitors are used, as these are fixed across
all designs, a constant weight and volume of 5.7 g and 0.666 cm3 are used.

C.4.2 Optimised Damping of the CM Filter

Effective damping is required for the CM filter for the same reasons as for the DM filter:
to suppress resonances and ensure stability. The CM equivalent circuit of fig. C.3 shows
that each stage requires its own damping network. Due to the difference in inductance,
two different damping networks are required. An RC series damping topology is used for
both stages as it provides a compact and effective solution.

The design of these damping networks follows the same optimal Q-factor approach
used for the DM filter, as detailed in [32]. The damping capacitor is chosen as Cdamp,CM =
1
2CCM, which results in an optimal Q-factor of Qopt =

√
55/9 (see eq. (C.4)). The required

damping resistance for each stage can then be calculated directly.

• CM choke damping (dark blue): The first two stage damping circuit is respon-
sible for damping the filter comprising the CM choke, which consists of the main
CM choke (LCM) and the leakage inductance of the CM choke (12LDM). Note that in
the equivalent circuit, the damping resistance is halved. Thus, requiring double the
resistance, so the optimal damping resistance is:

Rdamp,CM,a = 2R0Qopt = 2R0

√
55

9
= 2

√
LCM + 1

2LDM

2CCM

√
55

9
. (C.9)
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• DC inductor damping (light blue): Similarly, the second damping circuit is respon-
sible for damping the filter comprising the DC inductor in parallel with its damping
inductance (12LDC//

1
2Ldamp,DC). The optimal resistance for this network is:

Rdamp,CM,b = 2R0Qopt = 2R0

√
55

9
= 2

√√√√ 1
2

Ldamp,DC·LDC
Ldamp,DC+LDC

2CCM

√
55

9
. (C.10)

C.4.3 CM Filter Sizing Procedure

The CM filter design procedure, shown in the green box in fig. 3.1, is used to find the CM
filter components that minimise mass and volume while satisfying the regulatory require-
ments. This stage follows the DM filter design, receiving the completed DM filter as a fixed
input. As with the preceding stage, the procedure uses the fixed system specifications (see
table 2.1) and a set of variable design choices. For the CM filter design, the design choices
are: inverter type, number of parallel devices, LDM,min and switching frequency. It also
receives the filter inductance of the interphase inductor.

The sizing process begins by calculating the required damping components for the
search range, using eqs. (C.9) and (C.10). Next, a binary search is performed over the range
of LCM ∈ [1, 1000]µH to find the minimum required inductance. For each tested LCM value,
the system is simulated across multiple modulation indices, m = {0.1, 0.2, .., 0.57735, .., 1},
using the method detailed in section B.2. The resulting CM current spectrum is then
evaluated against the single pass/fail criterion, where the entire spectrum must be at least
6 dB below the DO-160G limit line for all tested modulation indices. Based on the pass/fail
result, the search interval is halved, and the process continues until the required inductance
is known with a resolution of 1µH. The lowest inductance value found that satisfies the
criterion is then selected as the final design.

C.5 Interphase Inductor Design

Table C.1: Equivalent inductance and resistance for coupled and uncoupled interphase
inductors [14].

Inductor type Lcir Lf Rcir Rf
Coupled 2Ls(1 + k) 1

2Ls(1− k) 2Rs
1
2Rs

Uncoupled 2Ls
1
2Ls 2Rs

1
2Rs

The interleaved inverter types require an interphase inductor to limit the circulating cur-
rent. This inductor can be coupled or uncoupled. A coupled inductor benefits from extra
inductance seen by the circulating current (Lcir) compared to an uncoupled inductor for
equal self-inductance (Ls), as seen in table C.1. Where k ∈ [0, 1] denotes the magnetic
coupling factor between the windings. The equivalent filter inductance (Lf) is seen by the
inverter output before the load. From table C.1 it can be seen that for a coupled inductor,
this is smaller than for an uncoupled inductor. This reduces the high-frequency filtering of
the CM noise (as Lf forms a low-pass filter in the coupling path in fig. B.4). If it is large,
the required CM filter could be reduced [8]. However, the coupled inductor has the benefit
that the flux due to the output current cancels inside the core. Thus, the magnetic core
can be smaller and lighter for the coupled inductor than for two uncoupled inductors. So
from now on, only a coupled interphase inductor (interphase transformer) is used.
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C.5.1 Design Requirements and Sizing Equations

Interphase Inductance Lower Bound to Limit the Circulation Current

The circulation current should be limited to reduce the losses, reduce the voltage ripple and
protect the semiconductors and diodes from overcurrent. Rewriting eq. (A.9) and eq. (A.23)
for the Lcir yields the expression for the minimum required circulation inductance:

Lcir,2LI ≥
VDC

4fswÎ
req
cir

; Lcir,3LI ≥
VDC

8fswÎ
req
cir

min(mmax
√
3, 1). (C.11)

Here Îreq
cir is the required maximum peak circulation current and mmax maximum modula-

tion index to meet the maximum output power. From this, it can be seen that for a 3LI
VSI for any m, the minimum Lcir is at least half the size of that of a 2LI VSI. This is an
intrinsic benefit of interleaving a multilevel inverter. For most practical designs, it can be
assumed that m > 1√

3
≈ 0.577. Thus requiring twice as large an interphase inductor for a

2LI compared to a 3LI VSI.
Îreq
cir can be determined based on:

• Available current margin: The maximum current of the MOSFETs and diodes,
with some safety factor, should not be surpassed with the addition of the circulation
current. Thus, the absolute maximum the circulation can be is dependent on this
margin. Having more parallel devices can increase this margin nearly indefinitely.
This gives the smallest possible Lcir value that could be used. This comes at the
downside of higher losses, increased DC link current and voltage ripple, increased
EMI generation through an increase of di/dt and high magnetic flux density (B). A
high B-field requires a large core to prevent saturation, meaning that the decrease
in size and mass does not continue indefinitely with a decrease of Lcir

• User defined maximum: There is a trade-off between lower losses and a smaller
inverter size. However, this is not a linear trade-off, as a smaller Îreq

cir reduces the
core size needed, and a larger core allows for more turns, creating more inductance
more easily. This trade-off is mainly dependent on the core material chosen, devices
and wire size.

Interphase Inductance Upper Bound to Ensure Power Delivery

The equivalent filter inductance Lf sets an upper limit on the size of the interphase inductor.
This is because the Lf is part of the output seen by the inverter and thus changes the power
factor (PF) and thereby how much real power can be delivered to the load (PL), without
exceeding the maximum modulation index mmax. The power in the load can be calculated
by eq. (C.12), where Io is the RMS output current given by eq. (C.13) [20]. Assuming
a lossless system so that IDC = Pin

VDC
= Po

VDC
, where Po is the output power. The output

power can also be written in terms of the load power by Po = PL(RL+Rf)
RL

, where Rf is
the equivalent filter resistance of the interphase inductor being half the winding resistance
(Rs). Using this and substituting eq. (C.13) into eq. (C.12) and rewriting for cos(θ) gives
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eq. (C.14).

PL = 3I2oRL (C.12)

Io =
2
√
2

3

IDC

m cos (θ)
(C.13)

cos(θ) =

√
8(RL +Rf)2PL

3m2V 2
DCRL

(C.14)

The PF of the complete output can be calculated with eq. (C.15). Setting eqs. (C.14)
and (C.15) equal and rewriting for Lf gives eq. (C.16). Which gives the maximum equiv-
alent filter inductance to deliver the desired load power PL given a maximum modulation
index mmax.

cos(θ) =
RL +Rf√

(RL +Rf)2 + ω2
AC(LL + Lf)2

(C.15)

Lf <
Rf +RL

2πfAC

√
3m2

maxV
2
DCRL

8PL(RL +Rf)2
− 1− LL (C.16)

In our case for mmax = 1, PL = 20kW and Rf = 0.5Rs = 2mΩ, Lf < 40µH. Assuming
a coupling factor of k = 0.96 gives a maximum self-inductance of Ls <

2Lf
1−k = 2.00mH.

C.5.2 Component Selection and Modelling

As the interphase inductor has a significant Îcir, inducing a large flux in the core, nanocrys-
talline cannot be used. For the same reasons as for the DC inductor, Edge is also a good
core material to use in this situation. MPP can also be a good option, but it will satu-
rate more quickly than Edge, which becomes a problem for the higher circulation currents
we also investigate. To facilitate an easier comparison between designs, the same material
should be used. Therefore, Edge was chosen for all the designs. Edge is available in toroidal
cores and E-cores. In this thesis, toroidal cores were selected as they are available in a
higher permeability core. A permeability of µr = 90 was selected as it is a good trade-off
between saturation and inductance per turn for the given situation. To compensate for the
decreased cooling capabilities of toroidal cores, the number of cores is kept at one unless
not possible otherwise.

The trade-off between efficiency and weight/mass is investigated by designing for five
different Îreq

cir values: {10%,20%,30%,40%,50%} of the RMS output current, corresponding
to Îcir = {4.7, 9.4, 14.1, 18.8, 23.5}A. A 9AWG wire was initially selected. To evaluate the
trade-off between conduction losses and inductor mass, a thicker 7AWG wire is also inves-
tigated. The thicker wire has a lower ESR but results in a heavier and larger component

For each combination of Îcir, fsw and wire size, a new interphase inductor needs to be
designed. This is because the interphase inductor needs to have the specified inductance
at the specified circulation current. As a higher current saturates the core quicker, it is
not fair to reuse the same design for all circulation currents. A larger wire size limits the
maximum number of turns, while a change in fsw changes the required inductance (see
eq. (C.11)). The designed cores all stay below a winding factor of 50%.
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C.5.3 Interphase Inductor Sizing Procedure

The final selection of the interphase inductor follows the direct process illustrated in the
purple box of the design flowchart (fig. 3.1). The procedure ensures the lightest possible
component that meets the performance requirements is chosen.

First, for each unique design configuration defined by the chosen wire size, fsw and
Îreq
cir , the minimum necessary self-inductance (Ls) is calculated using eq. (C.11).

Next, for each core in the core list, all winding configurations for every core are eval-
uated. Only if the largest core cannot meet the inductance requirement is the number of
cores incremented. The evaluation is at Îcir and assuming the worst tolerance. The final
selected interphase inductor is the lightest out of all the possibilities that have more or
equal to the required Ls.

C.6 Heatsink Design

The goal of the heatsink design is not to have the most optimal solution for every heatsink
design, but rather to characterise the mass and volume based on the required thermal
resistance. The heatsink can use either passive cooling, forced convection cooling or liquid
cooling. Liquid cooling is not available in all aircraft, and passive cooling cannot achieve
a low enough thermal resistance for a competitive mass/volume. Thus, forced convection
cooling is used, using one or more fans blowing over a heatsink with multiple fins. Drofenik
et al. [37], [38], [39], [40] investigate the theoretical converter power density limits for
forced convection cooling. This method involves modelling the thermal and fluid dynamics
numerically to find an operating point where the fan’s pressure curve intersects with the
heatsink’s impedance curve. This theoretical model will be used as the basis of the heatsink
design. Since the goal is not to design the theoretical limit, but rather to have a heatsink
that is fair in comparison. The global heatsink trend will be approximated into performance
metrics based on the required thermal resistance.

C.6.1 System Requirements and Component Selection

The designed inverter needs to fulfil the requirements of the DO-160G chapter 4, where it
falls in category D2. For this category, the inverter operates in an environment equal to
the outside, where it goes from sea level to 15.2 km. This means that it operates at an air
pressure of 11.6 kPa to 101.32 kPa and has a temperature range of −55 ◦C to 70 ◦C [6]. It
is described in the DO-160G that it needs to operate in this full range. However, this is an
unrealistic criterion as at 15.2 km temperatures of 70 ◦C are 125 ◦C above the international
standard atmosphere model (ISA) [41], which is unrealistic. For a more realistic approach,
ISA+35 ◦C is used, combined with the ground point that remains 70 ◦C at 101.32 kPa.
This results in two critical design points: (−20 ◦C, 11.6 kPa) and (70 ◦C, 101.32 kPa).

Ram air could be used for forced convection, but fans are used instead, as their be-
haviour is well-documented. Centrifugal and axial fans can both be used, where centrifugal
fans have the benefit of higher static pressure, which could be beneficial in our situation
[42]. However, axial fans are more readily available in various sizes and are easier to arrange
side-by-side for modularity. Due to these practical advantages, an axial fan is selected for
this study.

The specific fan chosen is the THD0612VE-00, a high-performance 60 mm axial fan.
It is rated for an operating temperature range of −40 ◦C to 70 ◦C and at sea level has the
operating curve as seen in fig. C.5. It is important to note that the fan’s lower temperature
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Figure C.5: THD0612VE-00 operating curve, with the derated curve at 15.2 km altitude.

limit of −40 ◦C does not meet the full −55 ◦C requirement from the DO-160G standard,
representing a known limitation in this component selection.

A critical aspect of the design is de-rating the fan’s performance for the high-altitude,
low-density environment. Fan performance curves are specified at sea-level standard condi-
tions. At altitude, the air density (ρ) decreases significantly, which reduces the fan’s ability
to generate pressure (P ). Air density is calculated using the ideal gas law: ρ = P

RT [43],
where R is the specific gas constant and T the temperature. To find the de-rating factor,
the density at the high-altitude condition is compared to the sea-level reference density:

ρalt

ρ0
=

Palt/Talt

P0/T0
=

11.6/253.15

101.32/293.15
≈ 0.133 (C.17)

So at altitude, the density ratio ρalt
ρ0

≈ 0.133 implies the fan can deliver roughly 13.3%
of its sea-level rated static pressure (neglecting Reynolds-number effects and assuming
unchanged speed and geometry). This significant performance reduction can be seen in
fig. C.5.

C.6.2 Heatsink Sizing and Optimisation Procedure

An extruded-fin heatsink can be seen in fig. C.6a, where it also has some length L. The
fan is placed in front of the base plate, but in front of the fins. The heatsink design is
governed by several geometric and manufacturing constraints, based on the analysis in [37]
and practical considerations:

• Fixed geometry: To ensure mechanical stability, enable thermal heat spreading
and allow the use of screw holes, the base plate thickness is fixed at d = 10mm. No
air duct will be used in the basic design, so the fin height is fixed at the fan height
(c = 60mm). The heatsink width (b) is set to a multiple of the fan width.

• Base plate area (Ahs): The base plate must be large enough to mount the power
PCB and all power inductors, e.g. Aheatsink = Apcb+2ALcm+2ALdc+3ALs. Combined
with the width b, the length L can be calculated from the area.

• Manufacturing limits: For manufacturability, a minimum fin thickness of t =
1mm and a minimum channel spacing of s = 1mm are enforced.

• Optimisation variables: With these constraints, the primary variables for the
thermal optimisation are the number of fins (n) and the channel width-to-pitch ratio
(k = s

b/n) [37].

The design of the forced-air cooled heatsink follows the optimisation procedure set out
in [39]. The overall layout of this process can be seen in fig. C.6b. The procedure begins
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(a) (b)

Figure C.6: (a) Geometry of the fan, with six fins and five channels [37]. (b) Minimum
weight forced air cooling system optimisation procedure [39]

by defining the physical constraints of the heatsink and then executes a parametric sweep
to find the configuration with the minimum mass for a required thermal resistance. For a
detailed explanation, the reader is referred to [39]. The parametric sweep is implemented
in a MATLAB script, which automates the search for the optimal fin geometry. Based on
the design choices from above, the design follows these steps:

1. Design of k-th heat sink: sweep n, t, c: The script iterates through a range
of possible numbers of fins (n) and, for each n, sweeps through a range of channel
width-to-pitch ratios (k).

2. Calculate heat sink impedance: For each potential geometry, the heatsink’s
airflow impedance curve (∆ptot(V̇ )) is analytically calculated using the models for
pressure drop in channels, as described in [37], [40].

3. Calculate operating point: The fan’s actual operating point is found by numer-
ically solving for the intersection where the heatsink’s impedance equals the fan’s
de-rated pressure curve (∆ptot(V̇ ) − ∆pfan(V̇ ) = 0). This yields the actual airflow
rate (V̇ ) for that specific geometry.

4. Calculate performance and store solution: Using the calculated airflow rate,
the total thermal resistance (Rth,S-a) is calculated. Simultaneously, the total cooling
system mass (mcs) and volume (Vcs) for that geometry are computed. All relevant
parameters (Rth,S-a, mcs, Vcs, n, k, etc.) are then stored as a complete solution for
that design point.

This entire process is repeated for all geometries and for the two critical environmental
conditions. The final geometry is selected as the configuration that yields the minimum
mass while satisfying the required thermal resistance (Rth,S-a ≤ Rth,S-a,max) for the worst-
case high-altitude condition.
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C.6.3 Generalized Heatsink Results

Using the framework described in the previous section, a reference heatsink design is cre-
ated to establish generalised performance metrics. The design is based on an aluminum
heatsink (λAl = 210Wm−1K−1) for a representative power loss of Ploss,max = 300W. The
maximum allowable heatsink surface temperature is set to Ths,max = 100 ◦C. The required
thermal resistance (Rth,req) is then calculated for the two critical environmental conditions:

Rth,req =
Ths,max − Tamb,max

Ploss,max
(C.18)

For the high-altitude condition (Tamb,alt = −20 ◦C), it requires Rth,req,alt ≤ 0.4KW−1. For
the sea-level condition (Tamb,sea = 70 ◦C), it requires Rth,req,sea ≤ 0.1KW−1. The design
is optimised to meet the more challenging high-altitude requirement. However, for some of
the heatsink designs, it does not pass the thermal requirement for the sea-level conditions.
These heatsinks are thus also removed from the options.

The optimisation procedure yields a minimum-mass heatsink design that satisfies these
conditions. From this specific design, the performance indices for both environments can
be determined. The CSPI is found to be:

CSPI =
1

Rth · Vhs
≈

{
2.5WK−1 L−1 at high altitude (−20 ◦C, 11.6 kPa)

7.0WK−1 L−1 at sea level (70 ◦C, 101.32 kPa)
(C.19)

Similarly, the MPI is found to be:

MPI =
1

Rth ·mhs
≈

{
2.8WK−1 kg−1 at high altitude (−20 ◦C, 11.6 kPa)

7.5WK−1 kg−1 at sea level (70 ◦C, 101.32 kPa)
(C.20)

This design was made for a few different power loss points, and the performance indices are
within 0.2WK−1 kg−1 and 0.2WK−1 L−1. Thus, by using these performance indices to
estimate the mass and volume of any heatsink based on the thermal resistance, a powerful
simplification for the main optimisation framework is created. Where the indices for the
high-altitude condition are used for the mass and volume estimation:

mhs =
1

Rth,req ·MPIalt
=

Ploss

(Ths,max − Tamb,alt) ·MPIalt
(C.21)

Vhs =
1

Rth,req · CSPIalt
=

Ploss

(Ths,max − Tamb,alt) · CSPIalt
(C.22)

For the design process as seen in fig. 3.1, the inverter losses (Ploss) are simulated at the
maximum output power PL and at 100 ◦C heatsink temperature. The maximum heatsink
temperature (Ths,max) and maximum ambient temperature at altitude (Tamb,max) are sys-
tem specifications. Together, these parameters can be filled into eqs. (C.21) and (C.22) to
find the mass and the volume. Using the CSPI and MPI at altitude. This method allows
for a rapid yet fair estimation of the heatsink’s contribution to the total inverter mass and
volume for every design considered in this thesis.

C.7 Power PCB Design

The power PCB contains the MOSFETs, diodes, MOSFET drivers, isolated supplies, and
isolated communication chips. Underneath the power PCB, the heatsink is placed to cool
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all components. This low thermal path is deemed beneficial for this thesis, so it is assumed
that a cut-out is made for each MOSFET/diode with some margin inside the PCB.

To approximate the PCBs size and mass, we first define three variables based on the
topology and their physical properties.

• a: the total number of power devices (i.e., all MOSFETs and diodes). Each device has
a TO-247 package. Per a, when accounting for clearance, this results in a footprint
of 5.44 cm2 (with a 4.62 cm2 PCB cut-out) and a mass of 6 g.

• b: the total number of MOSFETs, where each requires a separate gate driver. Per
b, each driver and its associated passive components are assumed to occupy an area
twice that of a power device (i.e., 2 · 5.44 cm2 = 10.88 cm2) and have a mass of 6 g.

• c: the number of distinct isolation levels required for the gate drivers. Per c, it
requires its own isolated supply and communication. This is estimated to require
3 cm2 of area and 6 g of mass per level. A fixed base mass of 20 g is also assumed for
the main low-voltage supply.

Furthermore, it is assumed that the PCB has 30% of empty area. Thus, the total area
including cut-outs of the power PCB is approximated as:

Apcb = 1.3((a+ 2b) · 5.44 + 3c) [cm2] (C.23)

For the volume, we assume the PCB needs a 10mm clearance above the components
and the board itself has a standard height of 1.57mm. As the board is mounted on the
heatsink, this gives a total populated height of 11.57mm (1.157 cm). The total populated
volume is therefore:

Vpcb = Apcb · 1.157 [cm3] (C.24)

The total mass of the PCB is the sum of the component masses and the board mass.
The component mass is derived from the bulleted list:

mcomponents = 6(a+ b+ c) + 20 [g] (C.25)

The board mass is calculated from its physical volume (total area minus cut-outs, times
board thickness) and the 2.0 g/cm3 density of FR4 [44].

mboard = (Apcb − (a · 4.62)) · 0.157 · 2.0 [g] (C.26)

The final PCB mass is the sum of these two parts:

mpcb = mcomponents +mboard (C.27)

C.8 Other Components

In addition to the design-dependent parts, several fixed components contribute constant
weight and volume, summarised in table C.2. These values are based on conservative
assumptions and simplified estimates.

For lightning protection, two clamping diodes are placed before and after the filter. A
device such as the AK3-430C-Y (2.7 g, 6 cm3 each) is assumed, leading to a total of 11 g
and 24 cm3. Inrush protection is realised with two MOSFETs in series with resistors and
two bypass MOSFETs, mirrored for positive and negative DC input, yielding 4 MOSFETs
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Table C.2: Estimated fixed components

Component Weight Volume
Lighting protection 11 g 24 cm3

Inrush protection 48 g 44 cm3

Control PCB 200 g 150 cm3

Connectors 100 g
75 cm3 inside housing
75 cm3 outside housing

LV EMI filter 100 g 25 cm3

Total 459 g
318 cm3 inside housing
75 cm3 outside housing

and 2 resistors (all TO-247). Since the MOSFETs require only simple drivers, the occupied
volume is taken equal to the MOSFETs themselves rather than doubled as in section C.7.
The resulting total is 48 g and 44 cm3.

The inverter control is handled by a dedicated PCB containing an FPGA, low voltage
(LV) power supply, communication drivers, DC ride-through capacitive bank, connectors,
storage, and hardware safety logic. This board is approximated at 200 g and 150 cm3.
Three connectors are required: one for the three-phase output, one for the high voltage
(HV) input, and one for LV supply and signals. Their combined contribution is 100 g and
150 cm3, of which only half the volume (75 cm3) is considered inside the housing. Finally,
a EMI filter for the LV electronics is included to ensure regulatory compliance. Although
not designed in detail, it is estimated at 100 g and 25 cm3 (see table C.2).

Altogether, the fixed contributions amount to 459 g and 318 cm3 inside the housing,
with an additional 75 cm3 outside (table C.2).

C.9 Housing Design

The housing should act as a shield for the EMI and to protect the inverter from the
environment, where in some cases it also needs to be pressurised. The bottom side of the
housing is the heatsink, whose area is determined in section C.6.2. Since the goal is to
see the general effect that the mass of the housing has, the housing itself will be a simple
rectangular box.

The total internal volume of the housing is calculated throughout the design flow in
fig. 3.1. The housing should be able to fit all the components, where it is assumed that it has
a 30% unused space. Using the width and length of the heatsink and total internal volume,
the height of the housing can be determined. The housing is made from aluminium with a
wall thickness of thousing = 2mm. From this, the mass and complete inverter volume can
be calculated. The total volume now includes the external side of the connectors, heatsink
size and housing size, including the wall thickness.
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Appendix D

RMS Circulation Current In 2LI VSI

Using the equations from chapter A and assuming that fsw
fac

= ∞, the RMS circulation
current can be derived. This can be done for both 2L and 3L, but it is only shown here for
the 2L, as for the 3L it would deviate too much to be useful. This is because the waveform
for the 3L is not well defined by the equations of chapter A when the ratio of fsw

fac
is in the

realistic range.
The first step is to derive the RMS current of the waveforms in fig. A.2. Both waveforms

are piecewise-linear trapezoidal shapes, consisting of alternating flat (plateau) and ramp
(linear) segments and are symmetric around the zero-current axis. Each period contains
two plateaus at ±Îcir lasting for a total time of 2Tp, and two linear ramps (from 0 to ±Îcir
and back) lasting a total of 2Tr, leading to a full period Tsw = 2Tp + 2Tr. For the plateau
region, the RMS current value is equal to Îcir and for the ramp it is equal to 1√

3
Îcir. Using

this, the RMS circulation current over one period is expressed as

IRMS =

√
1

Tsw

(
2Î2cirTp +

2

3
Î2cirTr

)
= Îcir

√
Tp +

Tr
3

Tp + Tr
. (D.1)

The plateau and ramp times can be found from fig. A.2 for waveform (1) Tp =
T1
2 − T2

2

and Tr = T0
2 + T2

2 . For waveform (2), Tp = T1
2 + T2

2 and Tr = T0
2 . Due to the symmetry

of space vector modulation (SVM), it is sufficient to evaluate the current waveform over
the interval 0 ≤ α ≤ π

6 . To obtain the average RMS current over the full SVM cycle,
eq. (D.1) is squared, integrated over the range α ∈ [0, π6 ], and normalised. Substituting
the expressions for Tp and Tr, the resulting sector-averaged RMS currents are:

Icir,RMS,1(m) =

√
6

π

∫ π
6

0
Î2cir,1(m,α)

T1 +
1
3T0 − 2

3T2

T1 + T0
dα (D.2)

Icir,RMS,2(m) =

√
6

π

∫ π
6

0
Î2cir,2(m,α)

T1 + T2 +
1
3T0

T0 + T1 + T2
dα (D.3)

Due to the symmetry of the space vector modulation (SVM) scheme over one full
fundamental cycle (α ∈ [0, 2π]), the circulating current waveform can be decomposed into
repeating segments of waveform (1) and waveform (2). Specifically, within the full 2π
range, Icir,RMS,1 occurs 4 times, while Icir,RMS,2 occurs 8 times. As the RMS value is
computed over the full cycle, the total RMS value is given by:

Icir,RMS(m) =

√
1

12

(
4I2cir,RMS,1(m) + 8I2cir,RMS,2(m)

)
(D.4)
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This expression captures the full-cycle RMS current. Filling in eqs. (D.2) and (D.3) and
eq. (A.1)-A.3 gives an equation that is hard to solve. Therefore, it is chosen to compute
the result using MATLAB and perform a third-order polynomial fit. This results in the
following 2L RMS circulation current expression:

Icir,RMS,2L(m) =
VDC

4Lcirfsw

(
0.232m3 − 0.530m2 + 0.036m+ 0.575

)
(D.5)
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Appendix E

The Spider Chart Ranking System

To summarise the trade-offs across all inverter topologies, a spider chart ranking was
created. All scores were normalised on a 1-5 scale, where 5 denotes the best performance
observed within the design space. The scoring procedure for each axis is described below.

• Efficiency: The 95th percentile efficiency of all operating points with THD ≤ 2.2%
was used to ensure outliers did not dominate. Scores were linearly scaled between
the lowest and highest values observed.

• Specific Power: The 95th percentile of the specific power values was taken from all
designs where THD ≤ 2.2% and the efficiency is within 0.5% of the most efficient
design for that topology. This ensures that only realistic high-performance designs
are considered, avoiding bias from inefficient outliers while still capturing the best-
performing region.

• Power Density: The 95th percentile of the power density values was taken from all
designs where THD ≤ 2.2% and the efficiency was within 0.5% of the most efficient
design for that topology. This approach ensures that the values used to represent
power density reflect realistic, high-performance operating points. Extremely inef-
ficient but compact designs were therefore excluded, avoiding a distorted ranking
while still rewarding top-performing configurations.

• THD Compliance Ease: The average voltage THD over the switching frequency
range was selected as the metric, as this directly reflects the inherent ability of a
topology to produce low-distortion waveforms. Lower THD corresponds to a higher
score. Where it is normalised based on the minimum and maximum average voltage
THD.

• Design Complexity: Only the number of controlled switches was considered (diodes
excluded). Topologies with fewer active devices received higher scores. Scores were
normalised between the minimum (the 2L VSI) and maximum (the 3LI ANPC).
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Appendix F

AI statement

During the preparation of this work, I used the following AI tools:

• ChatGPT-5 and Claude Sonnet 4.5 to create the Matlab code that performs the
PLECS sweeps and plots the data. After using these tools, I thoroughly reviewed
and edited the code as needed, taking full responsibility for the final outcome.

• ChatGPT-4.1 for helping to derive the circulation current equation. While using
this tool, I thoroughly reviewed and corrected the derivation where needed, taking
full responsibility for the final outcome.

• Abacus deep agent was used to review the thesisd and help write the discussion.
After using this tool, I thoroughly reviewed the feedback and implemented it where
deemed valid, taking full responsibility for the final outcome.

• ChatGPT-5 and Gemini 2.5 Pro were used to help with the writing of the
thesis text. This included: thesis layout, writing parts of the subsection text, giving
feedback on written text, interpreting results, looking for missing parts and mistakes.
After using these tools, I thoroughly reviewed the suggestions and text as needed,
taking full responsibility for the final outcome.

• Grammarly was used to check for grammar and spelling mistakes. After using this
tool, I thoroughly reviewed and edited the suggestions and text as needed, taking
full responsibility for the final outcome.
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